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Abstract

A “metamaterial” by its widely accepted definition is an artificially engineered struc-

ture that gains its material properties from its structure as opposed to its intrinsic ma-

terial composition. The field of metamaterials has gained much attention within the

scientific community over the past decade. With continuing advances and discoveries

leading the way to practical applications, metamaterials have earned the attention of

technology based corporations and defense agencies interested in their use for next

generation devices. With the fundamental physics developed and well understood in

some areas, current research efforts are driven by the demand for practical applica-

tions, with a famous example being the well-known microwave “invisibility cloak.”

Gaining exotic electromagnetic properties from their structure as opposed to their

intrinsic material composition, metamaterials can be engineered to achieve tailored

responses not available using natural materials. With typical designs incorporat-

ing resonant and dispersive elements much smaller than the operating wavelength, a

homogenization scheme is possible, which leads to the meaningful interpretation of

effective refractive index, and hence electric permittivity and magnetic permeability.

Most metamaterials consist of scattering element arrays embedded in a host matrix.

The scattering elements are typically identical, and the electromagnetic properties of

the medium can be inferred from the properties of the unit cell. This convenience al-

lows the designer to engineer the effective electromagnetic parameters of the medium

by modifying the size, shape, and composition of the unit cell. An important rule

when designing a metamaterial is to keep the size and periodicity of the scattering

elements significantly smaller than the operating wavelength (λ0/10 or smaller), as

this allows for meaningful interpretation of the material’s bulk properties based on

the behavior of the unit cell.
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This dissertation summarizes several key projects related to my research efforts

in metamaterials. The main focus of this dissertation is to develop practical ap-

proaches to frequency tunable and reconfigurable metamaterials. Chapter one serves

as a background and introduction to the field of metamaterials. The purpose of

chapters two, three and four is to develop different methods to realize tunable meta-

materials – a broad class of controllable artificially engineered metamaterials. The

second chapter develops an approach to characterizing metamaterials loaded with

RF MEMS switches. The third chapter examines the effects of loading metamaterial

elements with varactor diodes and tunable ferroelectric thin film capacitors (BST)

for external tuning of the effective medium parameters, and chapter four develops

a more advanced method to control the response of metamaterials using a digitally

addressable control network. The content of these chapters leads up to an interesting

application featured in chapter five – a reconfigurable frequency selective surface uti-

lizing tunable and digitally addressable tunable metamaterials. The sixth and final

chapter summarizes the dissertation and offers suggestions for future work in tunable

and reconfigurable metamaterials. It is my hope that this dissertation will provide

the foundation and motivation for new researchers in the field of metmaterials. I

am confident that the reader will gain encouragement from this work with the un-

derstanding that very interesting and novel practical devices can be created using

metamaterials. May this work be of aid and motivation to their research pursuits.
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Chapter 1

Overview of Metamaterials

1.1 Introduction

The study of electricity and magnetism as independent phenomena can be traced back

thousands of years, where scientists throughout the ages have tried to understand

the elegance and mystery of these natural phenomena. Although once considered

to be independent phenomena, it was not until 1820 that Hans Orsted discovered

that a current carrying wire gives rise to a magnetic field [1], which later led Andre

Ampere to develop a fundamental law relating magnetic fields and electric currents

[2]. Michael Faraday later discovered electromagnetic induction, where time-varying

magnetic fields give rise to electric fields [3]. A rigorous approach to electromagnetism

was taken by James Clerk Maxwell in 1864, where he discovered four equations that

could summarize electric and magnetic phenomena [4]. With these equations he was

able to show that oscillating electric and magnetic fields generate electromagnetic

waves that travel at the speed c0 = (µ0ε0)
−1/2 ≈ 3 · 108 m/s in free space, thus

showing that light is electromagnetic in nature. These fundamental equations that

govern the behavior of electricity and magnetism are

∇ · εE = ρv (1.1)

∇ ·B = 0 (1.2)

∇× E = − ∂

∂t
(µH) (1.3)

∇×H = σE +
∂

∂t
(εE) (1.4)
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Given in their differential form, these equations are collectively known as the Maxwell

Equations. They mathematically describe the fundamental relationship between elec-

tric and magnetic fields, and it is relatively straightforward to show (by taking the

curl of eqns. 1.3 and 1.4) that electromagnetic wave propagation can exist. The

values µ, ε, and σ together with the boundary conditions in a region are enough to

define the electric and magnetic fields everywhere, which are used to determine such

quantities as the wave impedance (η =
√

µ/ε) and refractive index (n =
√

µε). For a

given system, solving eqns. 1.1– 1.4 with appropriate boundary conditions will yield

electric and magnetic fields that oscillate in space and time. The values of µ and ε

determine the nature of wave propagation inside a medium. As a simple example,

consider a uniform plane wave propagating in free space in the positive z direction

(with electric and magnetic field components Ex and Hy, respectively). The wave

vector is given by

k2 = ω2µε (1.5)

where the electric field can be written as E = x̂E0e
−jkzejωt. Notice that the real part

of E is E0 cos(ωt−kz), which represents a z propagating wave with angular frequency

ω and spatial frequency k. Also notice that wave propagation requires that k be real,

which means that the product µε be greater than zero. Situations where one of the

parameters µ or ε is negative yields an imaginary k (in the lossless case), which results

in exponentially decaying fields in z. There are many situations where the electric

permittivity ε can assume negative values. For example, the permittivity of a metal

follows the well known “Drude” model, given by (neglecting losses) [5]

ε = ε0

(
1− ω2

p

ω2

)
(1.6)

where ε0 = 8.85×10−12 F/m is the free-space permittivity, ω is the angular frequency

of the fields, and ωp is the plasma frequency of the metal. It is clear that waves below

2



the plasma frequency (ω < ωp) cannot propagate since ε < 0 (µ > 0, so µε < 0 for

ω < ωp). Thus, we can consider ωp to be the “cutoff” frequency for the medium.

Many metals exhibit a Drude-like electric permittivity, in which ε is negative for

frequencies less than some plasma frequency [5], but no natural materials (except for

certain ferrites) possess a negative magnetic permeability. Methods to realize media

with negative magnetic permeability will be discussed in upcoming chapters.

Physically speaking, ε and µ are a measure of the net electric and magnetic re-

sponses of the material, respectively. They are due to the interaction of external

electric and magnetic fields with the internal electric and magnetic dipoles of the

medium. The permittivity is a measure of the net electric dipole moment per unit

volume generated by the material, and the permeability is a measure of the generated

magnetic dipole moment per unit volume. These parameters can tell us useful infor-

mation about a material such as its refractive index, phase velocity, loss, impedance,

etc.

1.2 The Idea Behind Metamaterials

In recent years, there has been much interest in the development of artificial electro-

magnetic structures called “metamaterials” which can yield values for µ and ε not

achievable in nature. The idea behind metamaterials is to engineer sub-wavelength

structures to function as electric and magnetic dipoles that behave in the same fash-

ion as atoms and molecules of continuous media. It turns out that when certain

particle geometries (such as straight wires [5] or resonant objects [6]) are used to

form the metamaterial, the effective ε and µ of the medium can achieve both positive

and negative values across certain frequency bands. Although the concept of negative

ε has been accepted and understood for a long time, negative permeability is a less

familiar phenomenon typically not found in natural materials. A famous theoretical

study of wave propagation inside a medium with simultaneously negative values of
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µ and ε was published by the Russian physicist Victor Veselago in 1968 [7], where

he discovered that the phase velocity and group velocity of electromagnetic energy

in such a medium are anti-parallel. Although this was an interesting phenomenon

that lead to ideas such as reversed Cerenkov radiation and superlensing [7], it would

take nearly thirty years for science to expand on this phenomenon, with the pioneer-

ing work of Sir John Pendry and David R. Smith helping to launch a new field of

research called “metamaterials.” Pendry proposed conductor geometries to form a

medium with a negative permittivity [5] and negative permeability [6], and Smith

performed the first experimental verification of negative refraction using these ideas

[8].

1.3 Power Flow in Negative Index Media

In naturally occurring materials, solutions of the Maxwell Equations yield propa-

gating electromagnetic waves in which the phase velocity and power flow are in the

same direction. To see why this is true, imagine a uniform plane wave propagating

in an unbounded medium so that no boundary conditions are impressed on the wave.

Taking the direction of propagation of this plane wave with frequency ω to be in the

+z direction, we can express the electric and magnetic fields as

E(z, t) = Eoe
j(ωt−kz)x̂ (1.7)

H(z, t) =
Eo

η
ej(ωt−kz)ŷ (1.8)

where the spatial frequency k = kr + jki is in general complex, with ki contributing

to attenuation along the direction of propagation. The power flow in such a medium

is given by the time averaged Poynting Vector

S =
1

2
Re (E×H∗) =

1

2
Re

(
kzE

2
x

ωµ

)
ẑ (1.9)
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Figure 1.1: Effective medium parameter diagram showing the four quadrants of
material parameters ε and µ. Quadrant I is familiar to most people with both ε and
µ positive leading to right-handed propagation. Metals below their plasma frequency
can be categorized in quadrant II, and ferrites and ferrimagnetic materials can be
placed in quadrant IV. Less familiar is quadrant III, where both parameters ε and
µ are negative. Such media are considered “left-handed” materials since the phase
velocity and group velocity are anti-parallel. Also shown is the center circle, where
the magnitudes of the real part of ε and µ can range from zero to one, typically not
available in natural materials.
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In most natural materials, µ and ε are positive, and this forces kz to assume a

continuum of real values. Thus, S maintains a non-zero value, and energy is free to

propagate in the +z direction. Not typically considered is the case when both µr < 0

and εr < 0. When both ε and µ are simultaneously negative, the material will have a

refractive index n < 0. The wave number kz = ω
c

√
µrεr becomes negative, while the

power flow S flows in the +z direction. Thus, the power flow becomes anti-parallel

with the phase velocity, and because of this property, negative index materials are

referred to as “left–handed” materials since a simultaneously negative ε and µ makes

the vector triplett [k,E,H] left handed [7].

1.4 The Effective Medium Approach

It was mentioned that certain conductor geometries can realize a medium with bands

of negative permittivity and/or permeability. What makes metamaterials useful is

that they have the ability function as a continuous medium to electromagnetic ra-

diation. Their exotic behavior is possible because the inclusions produce dipole mo-

ments in response to incident electromagnetic energy the same way as the atoms and

molecules of continuous media. Consider a homogeneous and isotropic material re-

sponsive to electromagnetic radiation. In this material, the atoms and molecules are

significantly smaller than the operating wavelength (at microwave frequencies), and

thus their collection is seen as a continuous medium to the incident radiation which

allows for a meaningful definition of ε and µ. To mimic the response of materials

composed of these microscopic entities, the metamaterial approach introduces sub-

wavelength inclusions that respond to electromagnetic radiation in the same way as

atoms and molecules. The effective electromagnetic properties arise from averaging

the local fields around each conducting element. When the operating wavelength is

small compared to the size of the inclusions, the incident radiation will see a con-

tinuous material. If the dimensions of the inclusions are large compared to λ0, then
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effective material parameters cannot be assigned to the medium.

Keeping the dimensions of the scattering elements on the order of λ0/10 or smaller

works well in practice, as metamaterials composed of scattering structures on the

order of λ0/10 in size enable extraction of effective material parameters. Although

structures on the order of λ0/10 are desirable, sometimes there are certain constraints

that will prevent this. When the inclusions are much smaller than λ0, the incident

fields have a negligible spatial variation, and thus we are justified in applying a quasi-

static field analysis on the structure. If these inclusions are too large in comparison

with λ0, then there is a chance that they can diffract and refract incident radiation,

nullifying the effective medium picture [6].

1.4.1 Comparison with Photonic Band-Gap Structures

We emphasized that the metamaterial inclusions must be significantly smaller than λ0

in order to validate the effective medium regime. What happens when the size of the

particles are non-negligible to the wavelength? In this case, the metamaterial behaves

more like a photonic crystal and less like a metamaterial. This photonic band-gap

(PGB) behavior occurs when the periodicity of the metamaterial inclusions is some

multiple of half the guided wavelength p = mλg/2, a consequence of the well known

Bragg condition given by

p =
mλg

2 sin θ
(1.10)

where m = 0, 1, 2, ... When p is comparable to λg, propagation inside the medium

is mainly due to this Bragg diffraction and scattering effects of the electrically large

structures, and the wave sees the medium as an inhomogeneous material [9]. When

p ¿ λg, the scattering and diffraction effects are suppressed and the metamaterial

behaves as a homogeneous medium. Because the phase advances of the fields in a

metamaterial are negligible, there are no interference effects, and the wave propagates
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seeing only average, zero-order resonances instead of the Bragg resonances. According

to [9], as long as p ¿ λg/4, the metamaterial behaves in a similar way to a continuous

dielectric (i.e. refraction, effective ε, µ).

1.5 Negative Refraction

For the refractive index n to be negative, we require that ε and µ simultaneously

take on negative values. We know that n =
√

εrµr, and for µr, εr < 0 one might

be tempted to conclude that n =
√

(−1)|µr|(−1)|εr| =
√

µrεr. However, we can

express the permittivity and permeability as ε = |ε|ejφE and µ = |µ|ejφM , and for the

case where no losses are present, φE and φM will take on the values of 0 or π [10].

Substituting these values in for n, we have

n =
√
|ε||µ|ej 1

2
(φE+φM ) (1.11)

It is clear from eqn. 1.11 that both φE and φM must be equal to π in order for

n < 0. For when ε, µ < 0, the exponent in eqn. 1.11 becomes ejπ = −1, hence

n = −
√
|µ||ε|. Equation 1.11 also tells us that when µ and ε have opposite signs,

n becomes imaginary and a wave in such a material will be evanescent. In the later

sections of this chapter, we will discuss the methods often employed in practice to

physically realize negative ε and µ.

1.6 Loss and Energy Considerations

A major limiting factor of metamaterials is the losses they incur. We know that for

the permeability, causality implies that the real and imaginary parts µ′r and µ′′r are

related to each other. These relations are the Kramer’s-Kronig equations given by

[11]

µ′r(ω) = 1 +
2

π

∫ +∞

0

ω′µ′′r(ω
′)

(ω′2)− ω2
dω′ (1.12)
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µ′′r(ω) =
2ω

π

∫ +∞

0

1− µ′r(ω
′)

(ω′2)− ω2
dω′ (1.13)

It is revealed that eqn. 1.12 becomes large at frequencies where µ′′r is high. The same

relations of eqns. 1.12 and 1.13 apply with the electric permittivity ε. From eqn. 1.13,

it is clear that the greatest contributions to the integral for µ′′r occurs where µ′r is large

and much different than unity. Thus the material experiences its most lossy state

at resonance. A physical interpretation between the real and imaginary components

µ′ and µ′′ is that at resonance, the current induced in the rings becomes maximum,

thus making the absorbed power i2R greatest at ω0. Since the i2R losses are most

significant at ω0 where the magnetic loss tangent attains its largest value, we never

want to operate too close to resonance. The negative permeability band right beyond

ω0 is where we seek to operate, and the less losses present in our system, the more

narrow the µ′′r(ω) curve will be around ω0.

Another issue at play here is the role of energy. Traditionally, the total energy in

an electromagnetic system is expressed as a sum of electric and magnetic energies,

whose densities are given by [9]

Utotal =
1

4
ε|E|2 +

1

4
µ|H|2 (1.14)

But what happens to the total energy in eqn. 1.14 when ε < 0 and µ < 0? The truth

is that eqn. 1.14 cannot be applied for double negative metamaterials, as this would

imply the total energy in the system is negative! Thus, we must have an effective

permittivity and permeability that are frequency dispersive. With this, the total

energy for negative index metamaterials is more appropriately expressed as [9]

Utotal =
1

4

∂(εω)

∂ω
|E|2 +

1

4

∂(µω)

∂ω
|H|2 (1.15)

and for the derivatives to be positive, the permittivity and permeability in such a
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dispersive medium (in the absence of losses) will take the form [9],[10]

εr(ω) = 1− ω2
p,e

ω2 − ω2
0,e

(1.16)

µr(ω) = 1− ω2
p,m

ω2 − ω2
0,m

(1.17)

where ωp,e, ωp,m are the electric and magnetic plasma frequencies, and ω0,e, ω0,m are

the electric and magnetic resonant frequencies.

1.7 Magnetic Field Coupled Resonators

We now discuss the physics behind the split-ring resonator (SRR), a metamaterial

particle used to achieve a negative magnetic response. The SRR is a conducting loop

designed to have a self-resonant frequency where a large current (and hence magnetic

field) is generated. A large magnetic dipole moment is generated as a result of

this current, and thus a medium composed of these SRRs has an effective magnetic

permeability much different from free space. The SRR is interesting because it can

achieve both positive and negative values of µ, a feature that lends itself quite useful

in certain applications. .

1.7.1 Engineering a Magnetic Response Using Split-Ring Res-
onators

In 1999, Sir John Pendry proposed a way to realize a negative permeability in the

microwave regime using conducting elements [6]. He conceptualized a medium com-

posed of metallic rings that would act as macroscopic magnetic dipoles, allowing the

material to have a strong response around the resonant frequency of these structures.

He dubbed these inclusions “Split Ring Resonators (SRR’s)” since they are metallic

rings with a capacitive gap. When the SRR is much smaller than the wavelength of

radiation used to illuminate it (≈ λ0/10), we can think of it as an LC circuit, with
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L being the self inductance of the ring trace and C being the capacitance of the gap.

A diagram of the SRR along with its equivalent circuit is shown in Fig. 1.2. A time

varying external field Hinc incident on the SRR induces a voltage in the loop, given

by Vind = −jω
∫

Aloop
Binc · dA, where Aloop is area that the loop encloses. When the

SRR is electrically small, the magnetic field Hinc is uniform across it, simplifying the

integral to
∫

S

Binc · dS ≈ BincAloop = µ0HincAloop (1.18)

when no loss is present, the impedance of the SRR is expressed as Zring = jωL +

1/jωC = jωL
(
1− ω2

0

ω2

)
, where L is the self-inductance of the metallic trace, C is the

gap capacitance, and ω0 = (LC)−1/2 is the SRR self resonant frequency (see Fig. 1.2).

The current induced in the ring becomes

Iind =
−µ0HincAloop/L

1− ω2
0

ω2

(1.19)

where this LC circuit model is a good approximation only when the SRR is electrically

small (a ¿ λ0, where a is the largest feature size of the SRR). Due to Lenz’s Law,

the induced current flows in such a way as to oppose a change in magnetic flux

through Aloop. Equation 1.19 tells us that as ω approaches ω0, the induced current

in the ring becomes very large. In this lossless case, the induced current becomes

infinite at resonance, but in practice ohmic and dielectric losses add an imaginary

term in the denominator of equation 1.19 to prevent the current from becoming

infinite. The magnetic dipole moment of the SRR is proportional to the induced

current by m = IAloopŝ, where ŝ is a unit vector normal to the loop area. Since

the magnetic permeability is a measure of the net magnetic dipole moment per unit

volume, a large induced current will yield a large value for µ. For ω < ω0, the induced

current supports the incident magnetic field, and for ω > ω0, the current opposes the
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Vs = -jwm H A� �H0

Figure 1.2: View of the resonant ring structure proposed by Sir John Pendry. When
it is electrically small (largest dimension ¿ λ0), we can think of it as a simple LC
tank circuit.

magnetic field. This will yield a paramagnetic response for ω slightly less than ω0

and a diamagnetic response for ω slightly greater that ω0. We can derive a form

for the magnetic permeability of a medium of SRRs using the constitutive relation

B = µ0Hinc + M, where M is the magnetization vector, defined as the magnetic

dipole moment per unit volume v as M = m/v = (IAloop/v)ŝ. Substituting equation

1.19 into the constitutive equation for B yields [12]

B = µ0Hinc +

(
ω2µ0A

2
loop/Lv

ω2
0 − ω2

)
Hinc = µ0µrHinc (1.20)

where

µr = 1 +
Fω2

ω2
0 − ω2

(1.21)

is the relative magnetic permeability of the medium, with the parameter F = µ0A
2
loop/Lv

as the “oscillator strength” of the medium [12]. When losses are present, equation

1.21 assumes the form

µr = 1 +
Fω2

ω2
0 − ω2 + jΓ

(1.22)
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where Γ = ωω0/Q is a loss term which adds an imaginary component to µr. This form

for the magnetic permeability represents a resonant phenomenon with the quality

factor Q. When an oscillatory system is driven by a sinusoid at its natural frequency

ω0, Q is the number of cycles it takes for the total energy in the oscillator to be

reduced to e−2π ≈ 0.002 its peak value. A further explanation into Q and how to

determine its value for SRRs is discussed in Appendix C.

The values of Q and F will determine the achievable loss tangent of the SRR

medium, and it was shown that the minimum value of the magnetic loss tangent

occurs at the frequency where the real part of the magnetic permeability µ′r = −1,

given by [13]

min | tan δm| ≈ 4

FQ
(1.23)

thus, we see that small magnetic loss tangents require low-loss particles (high Q) as

well as a tight particle spacing (large F ).

Figure 1.3: Magnetic field around a split ring resonator away from resonance
(f = 500 MHz).

Figures 1.3 and 1.5 show the vector magnetic field around a copper SRR on
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Figure 1.4: S-Parameters and retrieved magnetic permeability for the SRR shown
in Fig. 1.3.
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Figure 1.5: Magnetic field around a split ring resonators at its resonant frequency
(f = 940 MHz).

FR4 substrate away from and at resonance, respectively. The left picture shows

H for a frequency f = 500 MHz, and the right picture shows H at the resonant

frequency f0 = 940 MHz, as well as the surface current density J on the copper

trace. Notice how strong the total magnetic field is around the SRR at resonance,

indicating that it is producing a strong magnetic dipole moment directed normal

to the SRR plane. Figure 1.4 shows retrieved magnetic permeability for a medium

composed of these SRRs, along with the S-Parameters used to retrieve µr. Notice

away from the resonant frequency that µr is close to free-space (which is sensible

since the SRR is unresponsive away from f0), and as we approach f0, µr becomes

large, followed by a band where µr is negative (ω0 < ω < ω0/
√

1− F ), while slowly

rising above zero and approaching 1 − F as ω → ∞. This trend in the magnetic

permeability follows the form governed by equation 1.22.

1.8 Engineering a Negative Electric Response

We now discuss how to realize exotic electric responses using particles that respond

to electric fields. In 2006, Schurig, et.al. proposed a method of realizing a resonant
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Figure 1.6: View of Pendry’s Wire Structure. The wires are spaced a distance
a apart with a radius of r. This topology lowers the effective plasma frequency of
the medium, allowing for a small and negative effective permittivity (published in
reference [5]).

electric permeability using a particle that couples strongly to an incident electric field

[14]. For most conventional dielectric materials, the permittivity assumes a positive

value away from resonance. For a lossy plasma, the dielectric function takes the form

[5]

εr = 1− ω2
p

ω2 − jωΓ
(1.24)

Where ω2
p = ne2

meε0
(n is the electron density in m−3, me is the rest mass of the electron

(9.11×10−31 kg), and e is the elementary charge on the electron (1.6×10−19 C)). It is

clear that ωp will dictate the behavior of εr. For most metals, ωp is in the visible and

near ultraviolet band, but down in microwave frequencies, losses become an issue,

and the imaginary part of eqn. 1.24 dominates, preventing propagation. Even if we

were to assume Γ = 0 for most metals in the microwave regime, ωp would still be

much greater than ω, and εr ¿ −1, implying that the effective λ is very large and

negative. This would not help us, since the metamaterial we wish to design operates

on the basis of an effective medium picture, where all of the scattering elements must
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be significantly smaller than λ0. It was proposed by Pendry [5] that if the plasma

frequency in a metal can be lowered significantly, then a structure could be designed

with εr small and negative. That is, we could design a structure with effective εr ≈ −1

without scaling down the effective λ the way a large and negative εr material would.

In Pendry’s paper, he introduced conductive wires equally spaced in a periodic lattice

structure, where is was shown that the effective plasma frequency can be expressed

as [5]

ω2
p =

2πc2
0

a2ln(a/r)
(1.25)

where c0 is the speed of light in a vacuum, a is the spacing between wires (lattice

constant) , and r is the radius of each of the wires. Equations 1.24 and 1.25 are the

essential design equations one would use to determine the wire size and spacing to

achieve a desired electric response. In practice, this is accomplished by wrapping a

thin wire periodically throughout a material. Figure 1.6 shows Pendry’s concept of

configuring the wires in a lattice structure.

1.9 Losses in SRRs

When designing the unit cells composing the metamaterial, it is generally of interest

to choose a design that mitigates the total incurred losses. Three types of loss are

present: dielectric, ohmic, and radiative. When the SRR is electrically small, we can

lump all the losses into some effective series resistance given as the sum

R = Rc + Rd + Rr (1.26)

where Rc is due to ohmic (conduction) loss, Rd is due to absorption in the dielectric,

and Rr is due to the radiation of the SRR. Which loss is dominant depends on the

particle geometry, as well as the frequency of operation. The ohmic loss is typically a

fraction of an Ohm for frequencies of several hundred megahertz to several gigahertz.
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Figure 1.7: Radiation Resistance of a SRR as a function of its electrical size.

In this frequency range, dielectric and radiative losses dominate. It is a common

practice to ignore radiative losses, but we will soon see that this is a poor assumption

for certain designs. Treating the SRR as a square loop carrying a uniform current,

we can approximate its radiation resistance as [15]

Rrad ≈ 31, 171

(
A2

λ4

)
(1.27)

where A is the area of the SRR loop, and λ is the operating frequency. For a square

loop a small fraction of a wavelength on each side, the area A = (aλ)2 and the

radiation resistance becomes

Rrad ≈ 31, 171a4 (1.28)

where a is the side length of the SRR loop in fractions of one wavelength. Figure 1.7

shows the radiation resistance as a function of particle size. It is evident that even
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SRRs with a side length of λ/12 can have a radiation resistance of over 1 Ω.

1.9.1 Conduction Losses

For copper trace SRRs in the vicinity of several hundred megahertz to several gi-

gahertz, the ohmic (conductive) losses are usually much smaller compared to the

radiation and dielectric losses. When the trace thickness is much larger than the skin

depth, the conductive loss can be closely approximated by [16]

Rc ≈ l
√

ρπµ0f

w
(1.29)

where w is the thickness of the trace, ρ is the resistivity, f is the frequency, and l is

the total length of the copper trace.

1.10 Quality Factor of Split-Ring Resonators

The quality factor Q can be used to determine the total loss in a SRR medium.

Because we analyze SRRs that are much smaller than the operating wavelength λ0,

we can treat it as a series RLC circuit. For a resonant series circuit, the quality

factor is defined as [17]

Q =

[
ω

2Req

∂Xeq

∂ω

]

ω=ω0

(1.30)

where Req = Rc +Rd +Rr is the equivalent series resistance and Xeq is the equivalent

series reactance. This equation will be used to analytically determine the Q of SRRs

based on its effective circuit parameters, which can be estimated in simulation. The

ohmic and dielectric losses Rc and Rd can be easily determined in simulation, but Rr

is usually estimated using eqn. 1.28.
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Figure 1.8: Equivalent circuit model of a lossy SRR. The gap conductance Gg is
due to losses in the dielectric.

1.10.1 Unloaded SRR with one gap

The key to determining the quality factor for unloaded metamaterial particles and

metamaterial particles loaded with tunable elements is to determine its equivalent

impedance Zeq = Req + jXeq and use equation 1.30 to determine Q. This method is

valid as long as we are operating in the effective medium regime, where the largest

dimension of the metamaterial particle a ¿ λ0. For microwave frequencies of a few

hundred MHz to several GHz, it is the dielectric loss that dominates the total loss in

the particle. The equivalent circuit of a lossy SRR is shown in Fig. 1.8, where it is

seen that the loss in the gap of the SRR is represented by a shunt conductance, Gg.

The equivalent impedance of this capacitance/conductance parallel combination is

Zg =
1

Gg + jωCg

=
Gg

G2
g + (ωCg)2

− j
ωCg

G2
g + (ωCg)2

(1.31)

Thus, the real part of Zg is the dissipative term, and the imaginary part is the reactive

term. This impedance adds to the impedance of the rest of the SRR, and the total
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impedance of the SRR with a single gap is

Zeq =

(
R +

Gg

G2
g + (ωCg)2

)
+ j

(
ωL− ωCg

G2
g + (ωCg)2

)
(1.32)

From this equation, we see the resonant frequency is shifted away from ω0 = (LCg)
−1/2

due to the losses. The resonance occurs when Xeq = 0, or

f0 =

√
Cg − LG2

g

2πCg

√
L

(1.33)

Typically Gg

G2
g+(ωCg)2

À R at microwave frequencies, with the dielectric loss dissipative

component being several ohms, and R typically a fraction of one ohm. Using the

quality factor defined above, the Q for the SRR with a single gap is

Q =

√
L

(
Cg − LG2

g

)3/2

Cg (LGg + RCg)
(1.34)

1.10.2 SRR with N Identical Gaps

For an SRR with N identical gaps, the complex impedance is

Zeq =

(
R +

NGg

G2
g + (ωCg)2

)
+ j

(
ωL− NωCg

G2
g + (ωCg)2

)
(1.35)

and the resonant frequency is

f0 =

√
NCg − LG2

g

2πCg

√
L

(1.36)

and the quality factor is

Q =

√
L

(
NCg − LG2

g

)3/2

NCg (LGg + RCg)
(1.37)
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1.11 Contributions of this Dissertation

The main goal of the research summarized in this dissertation is to develop novel

switching and tuning design approaches to enhance the utility of metamaterials.

These design approaches are collectively used in the development of a reconfigurable

reflectarray metasurface with controllable scattering properties. Frequency tuning

and unit cell addressing are very important concepts that are used to compensate

for limitations (narrow bandwidth, loss, etc.) in conventional passive metamaterial

designs. It is desired that the ideas, methods, and experiments developed in this dis-

sertation will offer continued motivation and support for future researchers who see

the growing promise of metamaterials. Overall, thirteen peer-reviewed authored/co-

authored journal publications, three peer-reviewed conference publications, four con-

ference talks, and four poster presentations have resulted from my work in metama-

terials. Some of the research summarized in this dissertation has been published or is

awaiting publication in five peer-reviewed journal articles, two peer-reviewed confer-

ence publications, four conference talks, and three poster presentations. A complete

list of publications (including those not directly related to the content in this disser-

tation) can be found in Appendix D. The explicit contributions of this dissertation

to the metamaterials research community include:

• Development of RF MEMS loaded SRRs for realizing state-switchable metama-

terials [T.H. Hand and S.A. Cummer, “Characterization of Tunable Metama-

terial Elements Using MEMS Switches,” IEEE Antennas and Wireless Propa-

gation Letters 6, 2007].

• Development of tunable metamaterials using ferroelectric loaded SRRs [T.H.
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Hand and S.A. Cummer, “Frequency Tunable Electromagnetic Metamaterial

Using Ferroelectric Loaded Split Rings,” Journal of Applied Physics 103 7,

2008].

• Realizing digitally addressable reconfigurable metamaterials [T.H. Hand and

S.A. Cummer, “Controllable Magnetic Metamaterial Using Digitally Address-

able Split-Ring Resonators,” accepted for publication in IEEE Antennas and

Wireless Propagation Letters, 2009, and also given at a talk: T.H. Hand and

S.A. Cummer, “Controllable Magnetic Metamaterial Using Digitally Address-

able Split-Ring Resonators,” International Radio Science Union (URSI) Gen-

eral Assembly Student Paper Competition, August 2008, Chicago, IL].

• Characterizing the behavior of complementary electric LC metamaterials [T.H.

Hand, J. Gollub, S. Sajuyigbe, S.A. Cummer, and D.R. Smith, “Characteriza-

tion of Complementary Electric Field Coupled (CELC) Resonator Surfaces,”

Applied Physics Letters 93, 212504, 2008].

• Developing a reconfigurable metasurface reflectarray using digitally addressable

metamaterials [Journal paper submitted to IEEE Antennas and Wireless Prop-

agation Letters, 2009. This work will also be presented in a talk at the IEEE

APS 2009 meeting in Charleston, SC].
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Chapter 2

Development of Tunable Metamaterial
Elements Using MEMS Switches

(Note: Some of the content and ideas contained in this chapter have been published

in “Characterization of Tunable Metamaterial Elements Using MEMS Switches,”

Thomas H. Hand and Steven A. Cummer, IEEE Antennas and Wireless Propagation

Letters 6, 2007.

2.1 Introduction

In this chapter, we develop a dual-state switchable magnetic metamaterial element

in which the resonance excitation of the particle is controlled using RF micro electro-

mechanical (MEMS) switches. By controlling the resonant properties of the SRR, we

can realize an effective dual-state switchable magnetic metamaterial. Transmission

and loss characteristics of the switchable element for two different switch topologies

will be compared. It will be seen through experimental data that the RF MEMS

switch can realize a switchable resonant particle with reasonably low losses. Most re-

search in metamaterials has examined passive linear devices with fixed bulk medium

parameters. Because this electromagnetic behavior relies on the self-resonant prop-

erties of the metamaterial constituents, the electromagnetic properties of a metama-

terial medium are unalterable. Control of the effective electromagnetic parameters of

a metamaterial is possible by examining the potential use of direct external tuning

or engineering a built-in nonlinear response to the artificial medium. Studies have

been carried out [18, 19, 20, 21, 22] that examine the ability to control the response

of these materials using tunable elements to shift the resonant frequency of the rings.

This allows one to alter bulk medium properties through an external control signal.
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The implementation of switchable SRRs is discussed in [23], and transmission line

based tunable metamaterials are analyzed in [24].

The goal in this chapter is to realize a magnetic metamaterial particle externally

controlled by a high frequency microelectromechanical (MEMS) switch. It is desirable

for such switches to have a large open-switch isolation and a small closed-switch resis-

tance, since this makes them suitable for state-switchable metamaterial applications.

It will seen that the open state capacitance of the MEMS switch limits the frequency

range over which they can be used. Two switch topologies will be explored to realize

a dual-state switchable SRR. The RF MEMS element is a single-pole single-throw

mechanical switch that is capable of changing between two electromagnetic states. A

medium composed of such elements allows for switching between two distinct values

of impedance and refractive index. This ability to switch between electromagnetic

states is useful in many applications, with direction finding (DF) and antenna beam

steering of particular interest [25]. An effective medium composed of an array of these

RF MEMS loaded SRRs can switch between resonant and non-resonant states, allow-

ing for an impedance-tunable medium that can switch between two distinct states.

Characterization is the goal here, and is critical for the design of a bulk material with

precise effective electromagnetic parameters.

2.2 Analysis

It was seen in the previous chapter that SRRs produce a strong magnetic dipole

moment around their self resonant frequency [6], which forms the basis for most

magnetic metamaterials. There are numerous ways in which the resonant frequency

of the SRR can be altered or damped using an externally controlled element. A

simple way in which the SRR can be controlled using a switch is by altering the gap

capacitance. However, it will be seen that the detailed electrical characteristics of the

MEMS switch strongly dictate the tunable properties of the SRR. The SRR by itself
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is a resonant particle with ω0 = (LC)−1/2, where C is due to the gap capacitance and

L is the self inductance of the metal trace. We add a Teravicta RF MEMS switch to

the SRR to control the effective gap capacitance. The Teravicta MEMS switch is a

single-pole single-throw designed to operate from d.c. to 7 GHz and requires a 68 Vdc

actuation signal to open. The MEMS switch can be placed either in series or parallel

with the SRR gap, and each configuration having its advantages and disadvantages

which will be explored.

2.2.1 Series and Parallel Switch Configurations

(a) (b)

Figure 2.1: Equivalent circuit of the loop with the MEMS switch used in a series
configuration. The open switch (a) introduces a capacitance Cs, whereas the switch
resistance Rs is present in both the open and closed (b) states. This lumped cir-
cuit model is a valid approximation since the largest value for the ring side length
a ≈ λ0/10, where λ0 is the free space wavelength (published in ref. [26]).

Figure 2.1 shows a schematic of the MEMS switch placed in series with the SRR.

The closed state resonant frequency is ω0 = (LC)−1/2, while the open state shifts the

resonant frequency of the SRR to ω′0 = (LC ′)−1/2, where C ′ = (CCs)(C + Cs)
−1 is
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the effective capacitance of the two series elements (Cs is the parasitic capacitance of

the MEMS switch in the open state). In each state, the circuit elements are in series,

and it is straightforward to show that the closed state SRR has a quality factor

Q = (ω0C(Rs + R))−1 (2.1)

and the open state quality factor

Q′ = (C + Cs)(ω0CsC(Rs + R))−1 (2.2)

where Rs is the series resistance of the MEMS switch, and R is the resistance of the

metal trace. The simple dependence of Q and ω0 on the unknown switch parameters

Rs and Cs in the series configuration will be exploited in measurements to determine

their values. The MEMS switch in the series configuration essentially shifts the

metamaterial particle between two resonant frequencies. As long as these frequencies

are sufficiently spaced apart, a bulk medium composed of these elements can switch

between two distinct electromagnetic states. The switch can also be placed in parallel

with the gap capacitance C so that closing the switch shorts the SRR and effectively

damps the resonance. The schematic for this parallel configuration is shown in Fig.

2.2. The parasitic capacitance Cs only matters in the open state, but Rs is present

in both states due to the displacement current through Cs. It is easily seen that

a significant response is only present in the open state at ω0 = (LCeff )
−1/2, where

Ceff = C + Cs, and we are correct in neglecting Rs since (ωCs)
−1 À Rs within our

frequency range of interest. The parallel configuration switches between resonant

and non-resonant states, and thus an array of such switchable elements can form a

metamaterial medium capable of tuning between dielectric (µr ≈ 1) and negative-µr

states.
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(a) (b)

Figure 2.2: Equivalent circuit of the SRR with the MEMS switch used in the parallel
configuration. The MEMS switch allows for changing between on and off resonant
states. The open switch state (a) introduces a capacitance Cs into the resonant loop,
and is absent on the closed state (b). The dashed box around C is meant to illustrate
that its presence is optional, depending on the operating frequency. For small f , C
is large and dominates the resonant response, but it becomes comparable to Cs as f
increases (published in ref. [26]).

2.2.2 Frequency Limitations for the Series and Parallel Con-
figurations

If we wanted to fabricate a multi-cell state-switchable medium using the MEMS-

loaded SRRs, the open state capacitance Cs is not precisely controlled from switch

to switch, and this consequently places an upper limit on the frequencies where

each switch configuration may effectively operate. In the series configuration, C is

determined by the operating frequency and the particle size. The exact frequency

limit can be determined by examining how C and L scale with frequency. A useful

empirical equation that governs the self-inductance of a square ring in terms of the

28



free space wavelength λ0 and trace width d (see Fig. 2.3) is given by [27]

L ≈ λ0µ0

5π

(
2.3log10

(
8λ0

5d

)
− 2.85

)
(2.3)

where the side length a = λ0/10. The corresponding capacitance needed to realize a

resonance at ω0 is C = 1/ω2
0L. To be useful in practice, ω0 and ω′0 must be reasonably

far apart in frequency. As the frequency is increased, C must decrease (given a fixed

L), and the fractional change in resonant frequency

δω0 = |ω0 − ω′0|/ω0 (2.4)

consequently decreases. For our ring geometry, δω0 > 0.1 for f < 3.8 GHz (based

on experimental measurements). This means that we can operate up to 3.8 GHz in

order to be assured that δω0 will be greater than ten percent.

The advantage of the parallel switch configuration is that its closed state resonance

is significantly damped, and a resonance is excited only when the MEMS switch is

opened. Cs should have a negligible influence on the open state resonance ω0 so that a

collection of such elements would collectively resonate at the same frequency. Above

the crossover frequency 2.2 GHz (where C = Cs), Cs has a strong influence on ω0,

and the operating frequency needs to be considerably lower than this to render the

particle useful in application. An upper frequency limit for a particle of size λ0/10

in the parallel switch configuration where Cs has a negligible effect on the resonance

(less than ten percent shift in ω0) is approximately 900 MHz. Clearly, this useable

range is smaller than that of the series configuration. In order for this configuration

to be useful at high frequencies, either Cs needs to be reduced or tightly controlled

from switch to switch. Both of these problems can be resolved with better MEMS

fabrication techniques to achieve tighter tolerances on Cs. Another advantage of the

parallel switch configuration is a lower loss in the open state since Rs does not add

serially with R.
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2.3 Experimental Measurements

Now we wish to fully characterize the electromagnetic properties of the MEMS-loaded

SRR. Effective medium properties of an array of these elements are completely de-

termined by the parasitics Rs and Cs of the MEMS switch, and thus accurately

determining their values is very important in characterizing the electromagnetic re-

sponse of the particle. We first study the MEMS ring in the series configuration

(schematic in Fig. 2.1), where S-Parameters are used to infer realizable effective

medium properties from an assembly of these switchable elements (i.e. magnetic loss

tangent, oscillator strength). Full wave reflection and transmission measurements of

a single switched SRR are made in a WR-340 closed rectangular waveguide (4.3 x

8.64 cm2 cross section with TE10 mode cutoff frequency of 1.77 GHz). To operate

safely in the single mode regime, transmission measurements inside the waveguide

should be made between 2.2 and 3.3 GHz. For this reason, SRRs must be designed

to be resonant within this frequency range.

Using Ansoft HFSS, a copper SRR on Rogers DuroidTM substrate (1 mm thick)

was iteratively designed to be resonant at 2.2 GHz. The method proposed in [28]

details how Perfect Electric Conducting (PEC) and Perfect Magnetic Conducting

(PMC) boundary conditions can be used to simulate a TEM wave impinging upon

a particle (a SRR in this case) for S-Parameter and effective constitutive parameter

retrievals. The retrieval procedure can also be found in Appendix B. A parametric

sweep of the ring’s gap capacitance g, side length a, and trace width d was used to

find a ring geometry resonant at 2.2 GHz (this ring geometry is shown in the inset of

Fig. 2.3). Ansoft Q3D Extractor was used to find the lumped circuit parameters of

the SRR: R ≈ 0.3 Ω (copper alone), L ≈ 22 nH and C ≈ 0.24 pF. Given these ring

parameters, the quality factor Q =
√

L/C/R ≈ 1000, where radiative and substrate

losses are neglected (the addition of these losses will reduce Q). Measurement of
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this particle in the WR-340 waveguide will lead to a lower experimental Q due to

loading effects. Figure 2.4 shows an illustration of the fabricated MEMS loaded ring

placed inside the WR-340 waveguide for transmission measurements. The ring was

placed in the middle of the two sidewalls (where the electric field of the TE10 mode

is maximum). Wires biasing the MEMS switch were fed into the waveguide through

small holes, and they were connected to an external d.c. voltage source. Applying

a +68Vdc signal across the MEMS switch causes it to open, and removing this bias

causes it to short, thus allowing us to actively control the resonant state of the ring

with an external signal.

If Rs and Cs are comparable to R, L, and C, then ω0 will be shifted and damped.

Thus, the presence of the MEMS switch alters the behavior of the SRR and must be

accounted for in designs where a tight tolerance on Q and ω0 is crucial. It is necessary

to investigate the series and parallel switch configurations in order to accurately

determine Cs and Rs, and also to see how each configuration affects ω0 and Q.

2.3.1 Measurements of the Unloaded Ring

Since all measurements were to be made in a WR-340 waveguide, the trace thickness

and gap spacing of the ring was chosen after Ansoft Q3D Extractor simulations were

used in the design for a resonant frequency f0 = 2.2 GHz. This corresponded to a

side length a = 16 mm, gap spacing g = 0.3 mm, and trace width d = 2.5 mm (see

Fig. 2.3). The copper trace thickness was roughly 20 µm. The design was fabricated

on a 1 mm thick Rogers DuroidTM substrate, where S21 measurements in a WR-340

waveguide were used to show that its quality factor Q ≈ 600 with a resonant frequency

f0 ≈ 2.2 GHz. It can be shown that for waves impinging on a magnetically resonant

slab,
√

1/|S21(f)|2 − 1 has an approximate Lorentzian line shape from which Q can

be reasonably estimated.
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Figure 2.3: The above figure shows the relative size of the resonant copper ring on
Rogers DuroidTM substrate (εr = 2.2, tan δ = 0.0009) in the absence of the MEMS
switch, along with resulting S21 measurements from the closed waveguide (a = 16
mm, d = 2.5 mm, and g = 0.3 mm). It was designed to be resonant at 2.2 GHz, and
experimental transmission measurements placed very close to this frequency, where
measured Q ≈ 600 (published in ref. [26]).

2.3.2 Series MEMS Switch Measurements

To determine Cs and Rs, the response of an SRR with the MEMS switch (Teravicta 7

GHz single-pole single throw RF switch) was tested in the serial configuration (shown

in Fig. 2.5). The large (68 Vdc) actuating signal was generated using a Topward dual-

tracking d.c. voltage supply. The open state capacitance Cs was determined by

examining the shift in resonance caused by the placement of the switch in the loop,

where the new resonant frequency is given by

ω′0 =
1√
LC ′ (2.5)

and C ′ = (CsC)(Cs+C)−1. Since L is not affected by the addition of this series switch

(the switch has negligible effective series inductance), we find that C ′ = 1/ω′20 L ≈
32



Port 1

Port 2

To 68V Source

MEMS Switch

Figure 2.4: Diagram of the dual-state switchable ring placed inside the WR-340
waveguide. Holes were drilled on the top side of the waveguide to allow for biasing
of the MEMS switch. The ring was placed in the middle of the two walls where the
TE10 mode peaks (published in ref. [26]).

0.139 pF. Hence, Cs = C ′(1 − C ′/C)−1 ≈ 0.33 pF. It is also important to note that

the closed switch configuration eliminates Cs and pushes the resonance back down to

2.04 GHz (see Fig. 2.5). The switch parasitics play a role in the measured responses,

and one may wonder why the series closed state ω0 differs from the unloaded ω0 since

their equivalent circuits are identical. Close examination of the circuit traces reveals

that the MEMS-loaded SRR circuit introduces parasitic parallel capacitance which

lowers the closed-state ω0. These parasitic effects cannot be avoided and must be

taken into account in practice. The next step is to determine the switch resistance

Rs. Our approach is to find the real part of the effective SRR impedance Reff and

relate it to an effective resistance based on the loaded quality factor, QL. From
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Figure 2.5: Open and closed switch responses for the series resonant circuit.
Qclosed ≈ 150 and Qopen ≈ 250. Notice how the open switch state resonance fre-
quency is pushed up to 2.97 GHz due to the drop in effective capacitance of the loop.
The dashed plot shows S21 for the unloaded waveguide. Also shown are the pads for
the 68 Vdc bias and 100 kΩ resistors used for isolation of the external d.c. voltage
supply (published in ref. [26]).

Fig. 2.5, QL ≈ 150 (utilizing the same method as for the unloaded ring) for the

closed switch state. The effective ring resistance Reff is related to Q by

Q = ω0L/Reff (2.6)

where Reff = R + Rs is the real part of the equivalent impedance of the ring with

the series MEMS switch present. And since the self-inductance of the ring is known,

Reff = ω0L/Q ≈ 1.9 Ω which implies Rs ≈ 1.6 Ω. The actual MEMS switch re-

sistance is slightly less than 1.6 Ω due to the loading effects of the waveguide and

network analyzer. Single element measurements of the ring can be extrapolated to
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provide the properties of an effective medium composed of an array of such tun-

able elements [13]. Achievable loss tangents of a metamaterial medium composed

of these switchable elements can be estimated from Q-factor measurements. From

[13], min| tan δ| ≈ 4/FQ, and the oscillator strength F = µ0A
2/Lv, where L is the

self-inductance of the SRR, A is the area enclosed by the SRR, and v is the unit cell

volume [12]. Typical values for F range between 0.16 (cubic unit cells) and 0.5 (tightly

packed lattice) [13]. Thus for the series switch configuration, min| tan δ| ≈ 0.17 for a

cubic lattice and min| tan δ| ≈ 0.05 for a more tightly packed lattice of such elements.

This provides an upper bound on the magnetic loss tangent since we are considering

loaded Q values.

2.3.3 Parallel MEMS Switch Measurements

For comparison with the series switch configuration, a parallel switch ring was fab-

ricated and S21 was retrieved to determine ω0 and Q. Using the parallel switch

configuration at low frequencies (where C À Cs) makes this circuit topology more

useful since C dominates the response and Cs can be neglected. However, since we

are analyzing a λ0/10 ring at high frequencies (f > 2 GHz since we are making mea-

surements in a WR-340 waveguide), C is comparable with Cs (since L can only be

reduced so much by widening the trace width). For meaningful measurements in the

waveguide, C is omitted to reduce the effective capacitance which shifts f0 above 2

GHz – safely above the cutoff frequency of the waveguide. The resulting SRR (inset

of Fig. 2.6) is identical to the ring of Fig. 2.5, except now C is shorted and d is

increased (to reduce L and increase f0). The fabricated particle was inserted into the

waveguide for S-Parameter measurements. From Fig. 2.6, the resonance f0 ≈ 2.26

GHz with a measured Q ≈ 300. It is important to re-emphasize that in order for this

switch to be useful at high frequencies, Cs must be tightly controlled from switch to
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Figure 2.6: Open and closed state responses of the parallel MEMS configuration.
The response of the SRR from Fig. 2.5 with the gap capacitance C shorted is close
to the WR-340 cutoff frequency, so to push up the resonant frequency we decreased
L by increasing the trace thickness to d′ = 5.5mm. No response is observed when
the switch is closed since there is no capacitance in the SRR (published in ref. [26]).

36



switch.

2.4 Summary

We experimentally demonstrated the feasibility of a dual-state switchable metamate-

rial element utilizing a Teravicta RF MEMS switch. Measurements show the results

of a dual-state switchable SRR when the MEMS switch is placed in series and parallel

configurations. Because of the impact of the open switch capacitance on the SRR

resonant frequency, the series switch configuration is more suited for higher frequency

applications, while the parallel switch configuration is more appropriate for lower fre-

quencies and exhibits slightly lower loss. The parallel switch configuration presents

problems at higher frequencies since the gap capacitance required to achieve an elec-

trically small (λ0/10) SRR becomes comparable to the open switch capacitance and

places an upper limit on the self-resonant frequency. Q-factor measurements reveal

that the losses for both configurations are reasonably small for frequencies below 3

GHz, suggesting that this tunable element could be used to form a dual-state switch-

able bulk medium.
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Chapter 3

Tunable SRRs Using Microwave Varactor
Diodes and Thin Film Capacitors

(Note: Some of the contents and ideas contained in this chapter have been published

in “Frequency Tunable Electromagnetic Metamaterial Using Ferroelectric Loaded

Split Rings”, Thomas H. Hand and Steven A. Cummer, Journal of Applied Physics

103 066105, 2008. Some of this work was also presented at the International Radio

Science Union (URSI) January 2008 meeting in Boulder, Colorado.)

3.1 Introduction

The purpose of this chapter is to discuss the development of frequency tunable meta-

material elements using nonlinear devices such as ferroelectrics and microwave varac-

tor diodes. Throughout the chapter, we will review the physics of these devices and

explain how they can be applied to realize novel metamaterial devices. The majority

of past research in metamaterials has examined passive linear elements to achieve var-

ious effective parameter values. In conventional passive metamaterials, the effective

medium parameters (ε and µ) are fixed and cannot be altered for a given design. Re-

cent efforts in frequency “tunable” metamaterials have used tunable lumped elements

to passively alter the resonant frequency of split-ring resonators (SRRs) [24],[29],[19].

We define a lumped element to be any component (capacitor, resistor, inductor, am-

plifier, etc.) that is much smaller than the operating wavelength, so there is negligible

phase variation across it (In practice, we desire this phase θ = k0d < 10◦, where d is

the size of the element in the propagation direction) [17].

The main goal of this chapter is to discuss the development of ferroelectric (BST)

thin film capacitor-loaded SRRs and understand how the properties of the BST affect
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the electromagnetic parameters of the tunable SRR medium. Before we discuss the

design of the BST–metamaterial, we first examine microwave varactor diode loaded

SRRs. The microwave varactor diodes are used to tune the self-resonant frequency

of the SRR, which also tunes the magnetic permeability. The approaches in [29],[19],

and [18] have all employed the use of varactor diodes for SRR tuning, but no analysis

or discussion of loss and achievable effective parameters (εeff , µeff ) was presented. It

is the goal here to discuss the design, simulation, and measurement of both a tunable

resonant particle and an effective medium, with both S-Parameter measurements

and effective electromagnetic parameter retrievals. We will characterize loss and tun-

ability, and explore the limitations each will have on the effective electromagnetic

properties of the bulk material. The work presented in this chapter examines mag-

netic materials with tunable properties, but the concepts can be easily transferred

to tunable electric particles, which can be used together to realize tunable negative

index metamaterials.

The main idea behind tunable metamaterials is to alter the response of a specific

particle without making any changes to its geometry. Thus, we are implementing

electronic tuning as opposed to mechanical tuning. Because the periodicity and

particle size for a metamaterial is electrically small, its equivalent circuit is simply

an RLC series tank circuit. For magnetic metamaterials, the strength and line shape

of the magnetic permeability depends directly on the current induced in the SRR.

This current can be controlled by tuning R, L, or C appropriately. In this chapter,

we will discuss methods to tune C, but will not examine tunable metamaterials for

variable L. This is due to the fact that tunable inductors are expensive and tend not

to perform as well as tunable capacitors.
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3.2 Past Research into Realizing Tunable Meta-
materials

Most metamaterials research involves the study of passive and linear devices that

possess fixed constitutive parameters that cannot be externally controlled or tuned.

It is of considerable practical interest to have the ability to externally control the

electromagnetic behavior of a metamaterial, and there have been several studies that

investigate the integration of lumped element components and devices to realize tun-

able metamaterials. Current researchers are interested in ways to engineer useful

responses, and interesting reports on individual SRR control using tunable devices

such as varactor diodes are discussed in [18],[21], and [29]. Photoconductive semi-

conductors are used in [22], and a theoretical study using barium strontium titanate

(BST) thin films in [30]. Recent work by Zhao, et. al. reported a tunable magnetic

medium that functions by placing SRRs in a liquid crystal bath, which requires that

the SRRs be enclosed in leak-proof packaging [31]. The medium was then biased

with a d.c. electric field, which tuned the permittivity of the liquid crystal bath,

and hence, the resonant frequency of the SRRs. In the experiment, a very small

(2%) tunable range was achieved. Another study by He, et. al. reported a tunable

NIM using copper wires (for negative ε) and ferrite sheets (for negative µ) [32]. A

drawback to this approach is that the NIM behavior is completely dependent on the

location and bandwidth of the ferrimagnetic resonance, which is an inherent property

of the ferrite material and not of the unit cell geometry. Additionally, an external

magnetic field is needed to bias the ferrite sheets, and this requires a large induction

coil or magnet, which makes for a very cumbersome experimental setup.

3.3 The Microwave Varactor Diode

Our first approach at a tunable magnetic metamaterial involves strategically embed-

ding microwave varactor diodes into SRRs for voltage controlled frequency tuning.
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Varactor is short for var iable reactor, and this refers to the voltage dependent capac-

itance of a reversed biased pn diode. Varactor diodes are useful in a variety of tuned

circuit applications that require external control of capacitance. They are often used

in harmonic generation, microwave frequency multiplication, and active filters [33].

Varactors function by controlling the width of the depletion region in a pn junc-

tion diode through a reverse bias voltage, where various doping profiles in the diode

will lead to different capacitance tuning characteristics. In an abrupt pn diode, the

junction capacitance is given by [33]

Cj =
εA

W
(3.1)

where

W =

(
q

2ε(V0 + Vr)

NdNa

(Nd + Na)

)1/2

(3.2)

ε is the permittivity of the dielectric material, A is the area of the junction inter-

face, V0 is the contact potential, Vr is the applied reverse bias voltage, and Nd and

Na are the donor and acceptor concentrations in the p and n regions, respectively.

q = 1.6× 10−19 C is the charge of the election and W is the depletion region width,

which is analogous to the plate separation of a parallel plate capacitor. It is clear

from eqns. (3.1) and (3.2) that the junction capacitance of the diode is in general

a nonlinear function of applied voltage. For graded junctions when Vr À V0, the

junction capacitance Cj ∝ V −n
r , where the exponent n depends on the doping profile

of the diode [33]. Also note that the diode’s junction capacitance always scales down

with increasing reverse bias. If we think of the diode as a parallel plate capacitor,

increasing the reverse bias Vr causes the plate separation W to increase which de-

creases the junction capacitance. Special treatment is to be given to p+–n junctions,

in which the depletion region width W extends into the n region. For such doping
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profiles, Na À Nd, and the donor distribution Nd varies as Nd(x) = Gxm [33]. Thus,

the n–type region has a graded profile, where G is a constant and m = 0, 1, or −3
2

corresponding to uniform, linear, or hyperabrupt profiles [33]. It can be shown that

n = 1/(m+2) for p+–n junctions. For abrupt junctions, n = 1
2
, and for hyperabrupt

junctions, m = −3
2

which implies n = 2. When the hyperabrupt diode is used in

a resonant circuit, the resonant frequency ω0 varies linearly with applied voltage Vr.

Emphasis has been placed on the hyperabrupt diode because diodes of this grad-

ing profile were used in the experiment (Skyworks SMV 1405-079), which will be

discussed later.

3.3.1 The Skyworks SMV 1405-079 Hyperabrupt Junction
Varactor Diode

To realize tunable elements, the Skyworks SMV 1405-079 hyperabrupt junction var-

actor diode is a good component because of its large tunability (Cmax/Cmin > 4).

Here we will determine its capacitance as a function of applied reverse bias voltage,

since it will be the component of choice for tunable metamaterials in later parts

of this thesis. Its capacitance tunes down from 2.67 pF to 0.63 pF when reverse-

biased from 0–30V. The capacitance of the hyperabrupt junction follows the form

C(V ) = α0/(β + V )n, where V is the applied reverse bias, α0 = C0δ
−n, β = 1/δ,

C0 is the zero-bias capacitance, δ is the built in potential across the diode, and n

is the tuning slope [34]. The parameters α0, β, and n were determined by fitting

C(V ) to the data provided on the SMV 1405-079 datasheet, where it was found that

α0 = 2.27, β = 0.65, and n = 0.375 fit the measured values from the varactor data

sheet very closely. An overlay of the modeled response with the measured response

from the data sheet is shown in Fig. 3.2, where a very good match is observed.
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Figure 3.2: Model of the Skyworks SMV 1405-079 varactor diode vs. measured
values given in the datasheet. A good analytic fit is seen using the model in ref. [34].
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3.3.2 SRR Loaded with a Microwave Varactor Diode

Our investigation up to now has shown that varactor diodes are useful in providing

a voltage-variable capacitance for use in tuned circuit applications. With the goal of

achieving a tunable metamaterial in mind, we turn our attention to understanding

the response of SRRs loaded with microwave varactors. As described in Chapter 1,

the SRR studied by Pendry [6] contains a fixed capacitance that cannot be altered

or adjusted for a given geometry. Chapter 1 also showed that the SRR resonates at a

frequency ω0 ≈ 1/
√

LC when the gap conductance Gg ¿ Cg. When dielectric losses

are reasonably small, it is clear that the SRR self inductance and capacitance are the

parameters that can be changed to provide a tunable resonant frequency, and hence

tunable magnetic response. It was mentioned previously that variable inductors are

not desirable since they exhibit high losses and can be expensive.

3.3.3 Simulations of the Varactor Diode Loaded SRR

We now study the effects of loading the SRR with the SMV 1405-079 microwave

varactor diode. To be safely within the effective medium regime, the largest dimension

of the SRR should be close to λ0/10. The easiest way to design the SRR is to select a

target resonant frequency, find λ0 at that resonant frequency, and then make a square

ring with side l ≈ λ0/10. Given we are targeting our design for a resonant frequency at

ω0, the operating frequency will determine λ0, which will in turn restrict the particle

size and constrict l. Figure 3.3 shows the SRR model constructed in Ansoft HFSS –

a copper ring trace (17 µm in thickness) on FR4 dielectric (200 µm in thickness) is

placed inside a cubic cell using perfect electric conducting (PEC) and perfect magnetic

conducting (PMC) boundary conditions. A gap with capacitance Cg is placed in

series with a variable lumped element capacitor Cskyworks (the Skyworks varactor

diode capacitance) to simulate the particle that will eventually be fabricated. The
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PEC and PMC boundaries force a TEM plane wave propagating in the y-direction

with a z -oriented magnetic field to excite the SRR. The other two faces are wave

ports. The TEM wave illumination of the ring enables the retrieval of the effective

medium parameters, as discussed in [28]. Due to the PEC and PMC boundaries,

we are really simulating a structure that is periodic and of infinite extent in the

transverse (x-z ) plane. Ansoft Q3D Extractor was used to determine the effective

parameters of the SRR – where the effective resistance of the copper trace R ≈ 0.3

Ω for f ≈ 2 GHz. The self inductance of the SRR L ≈ 23 nH. Since we are using

realistic materials (copper with conductivity σ ≈ 5.96 ·107 S/m and FR4 with electric

loss tangent tan δe ≈ 0.02), we can input the lumped element values of our diode

(the effective series resistance (ESR) and junction capacitance Cj) into the Ansoft

HFSS simulation to determine the resulting S-Parameters and estimate the achievable

effective material parameters.

The Skyworks SMV 1405-079 hyperabrupt junction varactor diode was used for

the experiment, and according to the data sheet, it is advertised to have an ESR

∼ 0.8Ω, with an effective tunability τ ≈ 4. We define the tunability of a voltage-

tunable capacitive element as

τ =
Cmax

Cmin

=
Cx(0)

Cx(Vmax)
(3.3)

where Cx(0) is capacitance at zero bias and Cx(Vmax) is the capacitance at the max-

imum bias, which is 30 V for the Skyworks SMV 1405-079 diode. Large τ implies a

larger range of achievable capacitances, which results in a greater tunable range in

frequency. We define the tunable range as

δ =
1

2π
√

LC

∣∣∣∣∣∣
1√
Cx

Cx+C

− 1√
Cx∆

C+Cx∆

∣∣∣∣∣∣
(3.4)
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where Cx is the tunable element and C is an isolation capacitor. The dimensionless

tunability parameter ∆ can vary continuously between 1/τ and one, and is simply

the ratio between C(V ) and C(0). For the SMV 1405-079, τ ≈ 4 means the capacitor

is able to tune down below one-fourth its zero bias value. Typical capacitance values

have been tabulated in the Skyworks data sheet (in close agreement with the model

overlaid in Fig. 3.2), and these values for various reverse biases were used in a para-

metric sweep in HFSS to provide insight as to how much tunability the SRR could

achieve. The resulting transmission S21 for each diode capacitance value is shown in

Fig. 3.4. As can be seen, a great deal of tunability with reasonable loss is achieved.

Varactor Diode 

Capacitance, Cskyworks

Series Resistance 

of Varactor Diode

Gap Capacitance

Figure 3.3: The figure above shows the HFSS model for the varactor diode loaded
SRR. The Skyworks SMV 1405-079 hyperabrupt varactor diode was used, where a
discrete frequency sweep was executed for each value of diode capacitance Cskyworks.
The SRR was made of copper with a trace width of 2.5 mm, length of 16 mm, and
thickness 20 µm. This yielded an inductance L ≈ 23 nH with a gap capacitance
Cg ≈ 0.24 pF. The substrate was 0.25 mm thick FR4 (εr ≈ 4.4 + j0.08).

Specifically, a tunable range τ = |f0(30)− f0(0)| > 300 MHz is achieved for this

specific SRR. Typical Q values ranged between 80-100. Losses in the FR4 due to

the conductivity of the gap capacitance C dominate, and using a lumped element
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Figure 3.4: The figure above shows the simulation results for the unit cell model of
Fig. 3.3. Q-factor values were retrieved from S21, where they ranged between 80 and
100.

capacitor in the gap instead of relying on the FR4 is a way to lower the dielectric

loss and increase Q. Radiation loss can not be neglected either, since the ring is

slightly larger than λ0/8 at the highest frequency f = 2.45 GHz. Treating this SRR

as an electrically small loop carrying a uniform current (as done in chapter 1), the

radiation resistance Rrad ≈ 31, 171(A2/λ4
0) > 2Ω. This is much larger than the losses

in the copper, and comparable to the dielectric loss. Decreasing the area of the SRR

will reduce Rrad, and making the side length much smaller than λ0/10 can reduce

the radiation resistance.

3.3.4 Varactor Loaded SRR Effective Medium

Now that we have characterized the varactor-loaded SRR particle, it is of interest to

determine how a medium of such resonators would respond. From [13], we know that

the Q of an individual unit cell is approximately equal to the Q for the medium when

the unit cell is electrically small. Thus, we can estimate the effective magnetic loss
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tangent of the medium given the loss of an individual unit cell. Given that Q is fixed,

the density of the medium (number of unit cells per unit volume) will determine the

effective loss. For a cubic unit cell consisting of a SRR, it was shown in chapter 1

that the oscillator strength F = µ0A
2/Lv [12]. The minimum achievable magnetic

loss tangent is inversely proportional to the product FQ. It was shown in [13] that

min| tan δm| ≈ 24/Q for a cubic lattice and min| tan δm| ≈ 8/Q for a more tightly

packed medium. Based on the simulation of the varactor-loaded SRR, the achievable

loss tangent and effective permeability µr can be estimated. The minimum achievable

loss tangent for a medium composed of cubic unit cells is min |tan δ| ≈ 24/100 = 0.24

and min |tan δ| ≈ 8/100 = 0.08 for a more dense medium. Also derived in [13], the

maximum value the real part of the effective permeability a medium composed of

this unit cell could achieve is given by

max(χr) = max(µr − 1) ≈ FQ/2 (3.5)

and the maximum effective permeability max(µr) = 1 + max(χr). From this, 1 +

FQmax/2 = 1+(0.16·100)/2 = 8 for a cubic lattice and 1+FQmin/2 = (0.5·100)/2 =

25 for a more dense medium.

A major practical limitation of using varactor diodes in a multi-cell array is their

tolerance. The SMV 1405-079 has a tunability τ > 4, but with a tolerance of ±10

percent. This tolerance may seem tight, but it turns out that this disorder added

to the system has a very negative effect on the net response, and hence, effective

parameters of the medium. The concept of metamaterial disorder is further explored

in [35], where it is shown that even unit cell variations as small as ±5 percent can

severely widen and damp a response. The next chapter on addressable metamaterials

will discuss a control scheme to compensates for this tolerance.
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3.3.5 Effective Medium Experimental Results

Based on the unit cell design shown previously, a twenty–cell medium was created

with two cells in the propagation direction and ten cells in the transverse direction.

A d.c. bias bus was ran between the cells in the transverse direction, where 30 AWG

Busbar wire was used to connect each ring to the bias bus. The rings were fabri-

cated on FR4 just as in the simulation, and the SMV 1405-079 hyperabrupt varactor

diode from Skyworks was used for tuning. The slab was placed inside a microstrip

waveguide (picture shown in Appendix B) of height h = 3 cm for transmission (S21)

measurements. Figure 3.5 shows a picture of the fabricated varactor slab. Also
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Figure 3.5: The figure above shows the fabricated slab made with the cells from
the HFSS simulation of Fig. 3.3. A total of 20 cells (2 in propagation direction, 10 in
transverse direction) were used, where a d.c. bus line feeds the diode on each SRR
with a reverse bias that ranged from 0-30V. The resulting S21 obtained after placing
the slab in a microstrip waveguide (h = 3 cm) is also shown in the plot.

shown in the figure is the resulting S21 for the slab in the biased (10V) and unbiased

states. In the unbiased state, a clear main resonance at f = 2.17 GHz. The other

responses within this frequency band are present for several reasons: the first and

foremost reason is that the SMV 1405-079 hyperabrupt diodes have approximately

a 10 percent tolerance in their capacitance values, which adds much disorder to the

medium. In addition, the presence of the d.c. bus line causes an RF current to flow
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from the bus line, through the varactor diode, and out to the other bus line. Since

the capacitance of the bus line is comparable to the diode capacitance, a resonance

forms which cannot be ignored. These resonances can be reduced by placing resistors

along the d.c. bias line to dampen them. The disorder was severe enough to prevent

a meaningful parameter extraction. Because the resonances are split apart, it is im-

possible to extract a meaningful Q and F for the medium. While the resonance in S21

was able to tune over a bandwidth of approximately 280 MHz (less than predicted

by simulation) as the reverse bias was increased from 0V to 30V, the main resonance

starts to split into multiple resonances. We now develop a tuning approach using

Barium Strontium Titanate (BST) thin films.

3.4 Barium Strontium Titanate (BST) Loaded SRR

It was mentioned in the previous section that the wide tolerance of the varactor

diodes is an undesirable effect that increases the effective losses of the metamaterial

and broadens the bandwidth of the resonance. Here, we examine the response of the

SRR when loaded with Barium Strontium Titanate (BST) thin film capacitors, which

offers a much tighter tolerance than microwave varactors. BST is useful for the real-

ization of tunable metamaterials due to its tunable permittivity and sample-to-sample

uniformity. Low cost simultaneous fabrication of multiple elements, acceptable losses

in high quality films, and low frequency dispersion are all reasons researchers are

leaning towards BST for tunable metamaterials applications [36]. When processed

in certain ways, BST can exhibit an extremely large permittivity (ε′r ≈ 500) with

reasonable losses. The fact that BST can be engineered for such large ε means that

it can be used to decrease the electrical size of metamaterial elements. The goal here

is to use BST thin films as replacements for varactor diodes to tune the self reso-

nant frequency of SRRs. An effective medium composed of many resonant particles

requires that we use the most identical elements possible. Earlier, the results of the
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varactor diode-loaded SRR slab were presented, where the lack of uniformity between

SRRs had a negative effect on the overall performance of the medium. In order to

extract meaningful constitutive parameters from a medium (i.e. Q,F ), it is desired

that the individual SRR resonances be tightly controlled.

3.4.1 Background in BST Thin Film Technology

Previous research in BST technology has focused on characterizing its tunability and

loss for a variety of fabrication conditions. Many papers have examined how different

Barium (Ba), Strontium (Sr), and Titanate (TiO2) fractions affect tunability and

loss when fabricated at thin film capacitors [36],[37]. The loss and tunability of BST

samples are the two major performance metrics that will be examined in this chapter.

BST thin films are most commonly fabricated using RF Magnetron Sputtering [37],

where the O2 partial pressure has been found to affect such properties as leakage

current, film lifetime, and film texturing [37]. Although it is not in the scope of this

paper to examine the details of BST thin film fabrication, it is important to have

a basic understanding of the fabrication process and how the processing conditions

affect the electrical property outcome.

3.4.2 BST Thin Films Provided by Gennum, Inc.

The Gennum Corporation designs and manufactures high-density passive compo-

nents, and we were given several BST thin film tunable capacitors to use for research

into creating a tunable magnetic metamaterial. The capacitance of the BST thin

films is given in terms of the Ar/O2 processing flow rate and the film thickness.

Once these two parameters are known, the capacitance density (F/µm2) can be de-

termined. For example, a 1200 Å 50/50 BST sample will have a capacitance density

of 18 fF /µm2, while a 1400 Å 70/30 sample will have a capacitance density of 35 fF
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/µm2 [38]. What are the basic fabrication factors that most strongly influence the

loss and tunability of BST? Reference [37] provides an experimental investigation

into the tunability of BST capacitors based on O2 partial pressure during the RF

sputtering process. The role of O2 partial pressure during the RF sputtering process

is complex, and it influences the zero-bias BST permittivity, as well as the dielectric

loss [37]. The study of [37] is important in the work presented here, as it provides

insight into which ArO2 flow rates provide the maximum tunability with the smallest

dielectric loss. Reference [37] concludes that the 70/30 BST provides much larger

tunability and lower loss than 50/50 films. Unfortunately, Gennum was only able

to provide 50/50 BST thin film samples for our research. In a short while we will

discuss and analyze experimental results of SRRs loaded with the 50/50 BST thin

film capacitors, and although they are not the more ideal 70/30 thin films, they will

provide us with an upper bound on losses and a lower bound on tunability.

3.4.3 Performance Metrics – Tunability and Loss of a Unit
Cell

We can extrapolate effective bulk medium parameters of a metamaterial given that

we can accurately determine the electromagnetic properties of the individual unit cell.

In both simulation and experiment, S-parameters are used to infer both tunability

and loss. Similar to varactor diodes, the capacitance of a BST thin film decreases

with increasing d.c. bias. The tunability of the BST capacitor is defined by equa-

tion 3.3, where τ > 1 since the BST capacitance scales down with increasing bias.

An advantage of using BST thin films for tunable media is that there is no sensitivity

to bias polarity. The BST is a uniform material, and there is no concept of forward

and reverse bias with BST since there are no n-type and p-type regions. This is

advantageous in the sense that the designer need not worry about orientation of the
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capacitor in the circuit; however, one must be caution when biasing the thin film, as

breakdown voltages can be low (∼ 5V for the Gennum thin films). Operating be-

yond the maximum recommended voltage for even a short period of time can result

in permanent device failure. Thus, BST films are more prone to failure than varactor

diodes if not used carefully. Like the varactor diode loaded SRR, the tunable range

of the BST-loaded SRR is defined using equation 3.4, where L is the self-inductance

of the ring, C is the isolation capacitor, and Cx = CBST is the unbiased capacitance

of the BST thin film. An equivalent circuit for the BST-loaded SRR is given in

Fig. 3.7. Like the varactor diode, 1/τ ≤ ∆ ≤ 1, where 0.5 ≤ ∆ ≤ 1 for 50/50 BST

and 0.25 ≤ ∆ ≤ 1 for 70/30 BST [38]. It is clear from equation 3.4 that we must

choose C and CBST appropriately in order to achieve a large tunability. The closer C

is to CBST , the larger δ will be. Since we are aiming to achieve a resonant frequency

at about 1–2 GHz, we have some flexibility in the choice of C and CBST . However,

given that we are designing a ring that must be electrically small (∼ λ0/10), L is

constrained and the resonance control is dominated by the series combination of C

and CBST .

Having clearly defined the tunability metric, we now lean towards characterizing

losses in the BST-loaded ring. The circuit of Fig. 3.7 contains all loss mechanisms

within the ring (we neglect ring radiation loss), where the series resistances RBST and

R are the main sources of loss. Although BST has been advertised to possess a small

effective series resistance (RBST ), it will be seen that there were some fabrication

issues which suggested that the losses were significant. The metric for measuring

losses of an individual BST particle is based on Q-factor retrieval. As discussed in

[13], accurate determination of Q for an individual SRR can be used to determine the

minimum achievable loss tangent. By estimating Q for an individual SRR, we can

deduce achievable loss tangents for an effective medium and compare this extrapo-
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lation with Q-factor and loss tangent estimates of an actual medium. An approach

to determine Q by retrieving the magnetic susceptibility of a single cell or medium

is given in Appendix C.

3.4.4 Measuring the Capacitance of the BST Thin Films

Shown in Fig. 3.6 is a layout of the die we received from the Gennum Corporation.

The numbers next to the capacitors represent the area of the BST film in square

microns (µm2). The die had 50/50 BST (Ba0.5Sr0.5TiO3) deposited at a thickness of

1100 Å. Although the film thickness and ArO2 partial pressure was known, Gennum

was unable to provide plots of capacitance density vs. film thickness, which made

it impossible to compare zero-bias capacitance measurements with tabulated values.

Nevertheless, a test circuit was fabricated to provide rough estimates for the unbiased

capacitance of several BST elements, as shown in Fig. 3.8. The BST capacitor test

circuit consisted of 17 µm thick copper traces etched on FR4 substrate (250 µm thick).

The BST die was glued in the center (shown in Fig. 3.8) using VGE-7031 varnish,

and a West Bond 747677E wire bonder was used to connect the individual BST

capacitor pads to copper pads for measurements. A BK Precision 875B capacitance

meter was used to estimate the capacitance of several BST films, with the results

shown in Fig. 3.8. Figure 3.8 is useful because it allows us to estimate the achievable

responses from each BST capacitor. A ring with fixed inductance L = 23 nH (using

the same ring geometry as for the varactor loaded SRR) requires a small effective

capacitance (Ceff ∼ 1 pF) for a target resonant frequency f0 between 1-2 GHz. Given

the requirement for f0, it is clear that a small area BST thin film (several µm2) will

be required to load the SRR. One might be inclined to ask why the equivalent circuit

of Fig. 3.7 contains two capacitors. Just as in the case with the varactor diode, the

BST film needs to be biased with an external d.c. voltage, and this biasing source
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Figure 3.6: Gennum Capacitor Die Sample schematic. The numbers above each
capacitor give the BST thin film area in µm2. A total of 18 capacitors are present,
with two pads used as a short and open. The BST capacitor areas ranged from 4
µm2 to 200 µm2, with zero-bias capacitance values ranging from 1 pF to 1.2 nF.

would short if C was not present. The equivalent capacitance of the ring is the series

combination of C and CBST , so f0 must be taken into account when selecting values

for each considering the ring inductance L is fixed at 23 nH. The capacitance of the

gap in parallel with CBST is neglected since CBST is four times larger than the gap

capacitance, which means the fields are most confined within the BST thin film and

not the FR4 dielectric. The capacitance C can either be realized with a small gap

or with a lumped element surface mount capacitor. Taking into account a target

resonant frequency of 1-2 GHz for operation, the FR4 is quite lossy in this frequency

range and it is not optimal to use a built-in gap to realize C. Instead of a gap,

an HPC-0603A lumped element 1 pF surface mount capacitor can be used. This

capacitor offers a low effective series resistance (ESR < 1Ω) and tight tolerance (∼
one percent) from 1 MHz to several GHz. Given that the ring must be biased with
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BSTBST

Figure 3.7: Equivalent Circuit of BST-loaded ring. Just like with the varac-
tor–loaded ring, the BST ring needs a capacitor C so that the bias does not short
the ring.

an external d.c. voltage source, it is important to understand how loading the BST

ring with this source will affect its response to RF energy. D.C. voltage sources have

large input capacitances to provide a steady output signal, and from the rightmost

schematic in Fig. 3.9 it is clear that this is an undesirable phenomenon since large

capacitances have small impedances at high frequencies. This low impedance path

causes the RF current induced in the main loop of the SRR (R-L-C-CBST ) to flow

through Cin. To remedy the problem, a 100 kΩ resistor is used to isolate the path

through Cin, preventing unwanted RF current from taking the (R-L-C-Cin) path

(shown in Fig. 3.9).

3.4.5 Simulation of a BST-Loaded SRR

Based on the zero-bias capacitance measurements of the BST thin films, it is clear

that there are a lot of different capacitance values to work with. Given that each BST
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Figure 3.8: Circuit used to test the zero-bias capacitance values of the Gennum
die sample. The circuit was etched on FR4 substrate, and the die was glued to the
middle, where lines were wire bonded to larger copper pads to make probing with
the Precision 875B Capacitance Meter easier.
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Figure 3.9: This figure shows the importance of including the isolation resistor,
Risol. Without Risol, the large input capacitance Cin of the d.c. voltage source would
provide a path for the RF current to flow, destroying the resonant response of the
R-L-C-CBST loop.

film is 50/50, it is expected that the capacitances can to tune down to one-half their

zero-bias values [38]. The simulation model of Fig. 3.3 was used, but rather than using

an open gap to realize C, a 1 pF lumped element surface mount capacitor was used
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Figure 3.10: Simulation of the 50/50 BST-loaded SRR unit cell.

instead. For maximum tunable range δ, CBST should be as close to 1 pF as possible.

Based on the data of Fig. 3.8, the 4−5µm2 patch should be used, since it will provide

the smallest capacitance. Hence, CBST was set to 1 pF for S-parameter calculations.

Since it is known that the BST sample is 50/50, CBST in the simulation was varied

between 0.5 pF and 1 pF. The corresponding transmission S21 was retrieved from the

simulation for each CBST value and is plotted in Fig. 3.10. Given that the equivalent

circuit for the ring is in Fig. 3.7, we can compare theoretical tunability with the

results of the simulation. From equation 3.4 with L = 23 nH, C = 1 pF, and

CBST = 1 pF, and ∆ = 0.5, the tunable range δ = 290 MHz. The tunable range

from the simulation was smaller than that predicted by equation 3.4, and this should

raise no alarm since the simulation takes into account fringing capacitance in the ring

gaps. Q-factors for this simulation were below 200 for all biases. With simulations

confirming that the BST-loaded SRR can tune appreciably, we now fabricate a SRR

sample for characterization of loss and tunability.
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3.4.6 Fabricating a BST-Loaded SRR Unit Cell

 

Figure 3.11: Single unit cell with a BST-loaded SRR. The cell was fabricated on
FR4 substrate, and a 1 pF lumped element capacitor was used to isolate the BST.
The lines below the BST thin film die feed each element with an external d.c. bias
(0-5V).

Now that appropriate values of capacitance have been chosen, we proceed with

the fabrication of the BST-loaded SRR. To connect the BST thin film capacitor to the

SRR, 1 µm diameter gold wires are used. It is a difficult process to wire bond from

the gold pads to copper, and to make sure that good electrical contact is made from

the gold pad to the copper, the equivalent capacitance of the SRR must be tested

after the bond is made. The smallest capacitance the Precision 875B capacitance

meter can measure is approximately 1-2 pF, and the capacitance of the 4 µm2 BST

film is approximately 1 pF. Probing the ring for accurate capacitance measurements

to ensure that we are measuring the correct capacitance is very difficult for such

small values. Probing the ring means measuring C in parallel with CBST (0), which

makes the equivalent capacitance Ceq = C + CBST (0) ≈ 2 pF. For the sake of testing

purposes, it is better to use a larger value of CBST (0) to facilitate measurement
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with the capacitance meter. Thus, the 8 µm2 film was chosen to be used in the

fabricated SRR, since this yields CBST (0) ≈ 6 pF. The SRR loaded with the 8 µm2
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Figure 3.12: Measured Transmission (S21) for a single BST-loaded ring on FR4
substrate. Increasing the BST bias results in an upward shift of the resonance fre-
quency. Q varies between 50-70, and the tunable range for this single BST particle
δ ≈ 100 MHz.

BST film and HPC-0603A 1 pF capacitor was fabricated on FR4 using standard

photolithography methods. The series inductance (L ≈ 23 nH), and the equivalent

capacitance Ceq = (CCBST )/(C + CBST ) ≈ 8/9 pF yields a resonant frequency f0 =

(2π
√

LCeq)
−1 = 1.113 GHz. Control lines using 30 AWG Busbar wire were used to

bias the BST capacitor. Figure 3.11 shows the bias lines feeding an individual particle,

where a 100 kΩ resistor (not shown) is used to prevent unwanted RF leakage current

through Cin. The ring was set in a styrofoam placeholder and placed in the middle

of a microstrip waveguide (h = 3 cm) for S-parameter measurements. The ring was

then biased from 0–4V with an external d.c. voltage source (Topward 6306D dual

tracking d.c. power supply), and the plot in Fig. 3.12 shows the various responses

for each bias. Q-factor estimates for each bias are also shown, and using this data

along with an approximation of F provides a reasonable estimate of the magnetic
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loss tangent and permeability that would be achievable if this unit cell was used in a

medium.

3.4.7 Multi-Cell BST-Loaded SRR Magnetic Metamaterial

Given that a single BST-loaded SRR has been measured and characterized, achievable

magnetic susceptibility of a medium composed of these tunable elements can be

estimated from [13]

max(χr) ≈ FQ/2 (3.6)

and µr = 1 + χr. The oscillator strength F = µ0A
2/Lv depends on the unit cell

attributes (volume, ring inductance, etc.). It is abstract in the sense that there do

not exist any well-defined unit cell boundaries from which the unit cell volume v can

be deduced. However, F plays a role in the Lorentz model of permeability given by

equation 1.22, and it is evident that large F implies large magnetic dipole moment

per unit volume (permeability) around resonance. Thus, a sparse medium will have

a much smaller F (and consequently smaller magnetic response) than a more dense

medium. Based on the measured Q-factors of individual BST-loaded SRRs, the ar-

rangement of the SRRs is crucial when designing a medium to realize a required

magnetic permeability. Equation 3.6 is useful in predicting the maximum magnetic

susceptibility a medium can achieve based on the loss and oscillator strength of

each individual SRR. From the measured Q values of Fig. 3.12, we can deduce var-

ious ranges of achievable magnetic permeability for different lattice densities. For a

medium composed of a tightly packed lattice (F = 0.5) and taking Q ≈ 60 (aver-

age of all measured Q-factors from Fig. 3.12), the theoretical maximum permeability

µr ≈ FQ/2 + 1 = (0.5)(60)/2 + 1 = 16. For a more sparse lattice (F = 0.1), the

theoretical maximum permeability µr ≈ FQ/2+1 = (0.1)(60)/2+1 = 4. These sim-

ple approximations show that for a given Q-factor constraint on a resonant particle,
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achieving a large magnetic permeability inevitably requires a tightly packed lattice.

 

Figure 3.13: The picture above shows a fabricated four cell BST medium. Styrofoam
was used to hold each particle in place, and a thin sheet of rohacell was used to prevent
the d.c. bus line from contacting the bottom wall of the microstrip waveguide.

3.4.8 Retrieving the Effective Magnetic Permeability

The motivation behind the design, simulation and fabrication of the tunable SRRs

is to apply them to a bulk effective medium. The bulk medium composed of these

magnetic dipoles can be characterized with a bulk effective permittivity εeff and

magnetic permeability µeff . For TEM radiation incident on a homogeneous slab of

known thickness, S-parameter magnitude and phase information can be be inverted to

back out effective refractive index n and impedance z. Details behind the parameter

retrieval technique can be found in Appendix B.

Figure 3.15 shows the resulting transmission magnitude S21 for the four-cell BST

slab of Fig. 3.13. From z and n measurements, µ was retrieved and is shown in

Fig. 3.16 for biases from 0–5V. These retrievals warrant attention and explanation.

The magnetic permeability is of most interest to us, as the purpose of the rings is to
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Figure 3.14: This figure shows how the BST slab was loaded in the microstrip
(h = 3 cm) waveguide. The slab was biased with a d.c. voltage using a (state d.c.
generator here). SMA cables connected the microstrip waveguide to an HP-8720A
network analyzer.
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Figure 3.15: Measured S21 for several BST bias voltages. Q ≈ 60 for each response,
resulting in a tunable range δ ≈ 50 MHz.
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Figure 3.16: Retrieved Effective BST slab permeability for various biases.

create a magnetic dipole moment that can tune with frequency. Although the real

part of the permeability µ′r never became negative, it is important to emphasize that

only four unit cells were used to realize the medium, and this resulted in a sparse

medium with a small F . If we compare the retrieved zero-bias permeability with a

Lorentzian curve, we can back out the experimental oscillator strength, Fexp. Doing so

yields Fexp ≈ 0.02. This small F should come as no surprise, since only four resonators

were used to fill the transverse section of the microstrip waveguide. For the zero-bias

permeability, Q ≈ 68, and from equation 3.5, max(µr) = max(χr) + 1 ≈ FexpQ

2
+ 1,

which implies that Fexp ≈ 2(max(µr)−1)
Q

= 2(1.5−1)
68

≈ 0.015. This determination of Fexp

re-emphasizes the fact that in order to boost the response of the medium to exhibit a

negative permeability, more rings must be packed into the medium. Assuming a SRR

with Q ≈ 60 (the average of measured single-ring measurements from Fig. 3.12), the
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necessary oscillator strength is related to the minimum desired permeability by

Freq =
|min(µr)− 1|

30
(3.7)

For example, achieving µr = −1 makes Freq ≈ 0.067 and achieving µr = −3 makes

Freq = 0.1. In order to achieve a negative permeability, we require F > 0.033. It

is apparent from Fig. 3.15 that the tunable range δ in experiment was lower than

predicted theoretically by equation 3.4.
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3.5 Modified BST-Loaded SRR Tunable Magnetic
Metamaterials

It is clear from the previous section that tunability suffered when four unit cells were

placed together to form an effective medium. Here we will discuss a more optimal

design and present results on an improved BST-Loaded SRR medium. It is desirable

to optimize the SRR design to maximize its response strength around resonance.

A SRR that couples the strongest to the incident magnetic field requires that we

maximize its enclosed area while minimizing its self inductance [12]. We also need

to keep the SRR electrically small and be sure that the ratio A2/λ4
0 is minimized to

keep the radiation resistance negligible.

Ansoft HFSS was used to determine the SRR geometry to achieve the strongest

possible response between 1–2 GHz. This design is shown in Fig. 3.17 – the SRR

copper trace (17 µm) layer is on top of the 250 µm thick FR4 subtrate. The substrate

permittivity εr ≈ 4.4 with a dielectric loss tangent tan δe ≈ 0.02. The unit cell was

placed on a thin styrofoam slab for mechanical support. It is necessary to obtain a

good approximation of the equivalent circuit parameters (R,L, and C) of the SRR.

Ansoft Q3D extractor was used for this purpose, and it was found that for the SRR

in Fig. 3.17 that L ≈ 45 nH, C ≈ 0.24 pF and R ≈ 0.25 Ω. In the Ansoft HFSS

simulation of the tunable SRR, the BST bias-dependent capacitance was implemented

in the simulation to provide insight into how the medium would tune experimentally.

For more accurate measurements of the BST thin film capacitance, the BST dies

were sent back to Gennum, Inc. for careful measurements. An HP4284A LCR

meter was used for measurements at 1 MHz, and RF probes were used at higher

frequencies (several hundred MHz to a few GHz) to show that the BST capacitance

does not change significantly with frequency. The measurements revealed that the

BST capacitance tunes down from approximately 1.84 pF to 0.91 pF for biases from
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0V to 5V. The capacitance tunes down with increasing bias since the permittivity

varies with the applied electric field E as εr ∼ E−2/3 for bulk BST [39].�� ���� �� ��� ���� ��
� �� �� ��

Figure 3.17: Left: View of an individual unit cell of the tunable slab. The resistor
R (127 kΩ) is used to isolate the split ring from the bias lines. Right: Photograph
showing the fabricated tunable magnetic metamaterial slab used in the experiment
(published in ref. [40]).

3.5.1 Experimental Measurements of the Nine Cell BST-
Loaded SRR Metamaterial

Upon assembling and linking nine unit cells together, the medium was placed in a mi-

crostrip waveguide for S–Parameter measurements, as shown in Fig. 3.18. Figure 3.19

shows the measured transmission S21 through the medium, where a resonance cen-

tered at 1.75 GHz tunes between 1.67–1.81 GHz (δ = 142 MHz) for medium biases

between 0–5 volts, in very close agreement with the simulation. Using ∆ = 0.5,

L = 45 nH, C = 0.24 pF and CBST = 1.84 pF yields δ ≈ 142 MHz, in very close

agreement (≈ 1.4 %) with the roughly 8% tunable bandwidth obtained experimen-

tally. Magnitude and phase measurements of S11 and S21 were used to extract the

effective constitutive parameters of the medium [28]. The loaded microstrip waveg-

uide was used to perform the S–Parameter measurements, since the field structure

inside it is approximately TEM [28]. The ports of the microstrip are tapered to keep
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Figure 3.18: Photograph of the tunable slab inserted in the microstrip waveguide
for effective permeability retrieval, where d = 55 mm and h = 30 mm (published in
ref. [40]).

the top plate width to plate separation constant, which keeps the impedance every-

where matched to 50 Ω. A rexolite slab of thickness d ≈ 2.53 completely filling the

transverse section of the microstrip waveguide was used to confirm the validity of

our extraction procedure, where the retrieved permittivity matched closely with the

tabulated value of 2.53 [41]. The measured insertion loss appears slightly different

than what was computed simulation, but this is not alarming since the simulation de-

picts an infinite array of ideal resonators. Small perturbations in the SRR responses

(resonance, loss, etc.) alter the magnitude response. The effective complex magnetic

permeability µr = µ′r + jµ′′r using measured S–Parameters agreed closely with the

theoretical Lorentzian line shape, given by eqn. 1.22. The right plot of Fig. 3.19

shows that the retrieved permeability follows closely with eqn. 1.22 throughout the

entire bias range. This reveals that the tight tolerance among SRRs is crucial in

obtaining a strong response, which allows for a meaningful interpretation of effective
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losses and tunability.
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Figure 3.19: Left: S21 vs. bias voltage for both simulation and experiment for
biases from 0–5 V. Right: extracted permeability for the nine cell slab used in the
experiment. The imaginary part µ′′r is shown for a 0 V bias, where the magnetic loss
tangent tan δm ≈ 0.6 at µ′r = −1 (published in ref. [40]).

3.5.2 Magnetic State Changing Ability of the Nine Cell BST
Medium

Figure 3.20 shows the range of µ′r for the tunable slab at three different frequencies.

This shows the ability for the metamaterial to tune across a range of positive and

negative µ′r, making it useful in applications requiring a material to tune between

magnetic states. Figure 3.20 also tells us that waves inside the metamaterial can

propagate (µ′r > 0) or decay (µ′r < 0) depending on the applied bias of the medium.

3.5.3 Material Performance Limitations of the Medium

The metamaterial response is mainly limited by the properties of the BST thin-film

capacitors. The magnetic loss tangent magnitude | tan δm| = |µ′′r/µ′r| gives us an
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Figure 3.20: Experimental results showing the values µ′r can attain at three frequen-
cies for biases between 0–5 V. This plot shows that the medium has the capability
to switch between positive and negative permeability states (published in ref. [40]).

indication of how lossy our material is over various frequencies. We can estimate

the loss tangent if we know the quality factor and oscillator strength for a particular

design (since all the loss mechanisms are contained in Q). From [13],

min | tan δm| ≈ 4/FQ (3.8)

and this occurs at the frequency where µ′r = −1. For the fabricated BST medium

(using the RLC circuit parameters and unit cell geometry) F ≈ 0.1 and Q ≈ 60

(the measured average of all nine cells). This yields min | tan δm| ≈ 0.66, which is in

excellent agreement with the measurements (min | tan δm| ≈ 0.6). For an individual

unit cell without the BST capacitor, the quality factor of a single SRR almost tripled

(Q ≈ 150). This tells us that the dominant source of loss is contained within the

BST thin film. It is also observed that the response seems to weaken as the bias is

increased. This is due to the increase in effective series resistance of the BST thin

film from the well documented Q-rollover phenomenon that results in an increase

in dielectric conductivity (loss) with applied electric field [37]. The tunable range
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δ is also limited by the BST thin-film capacitors. To achieve a resonant frequency

about 1.75 GHz for an electrically small particle (≈ λ0/10), a total capacitance of

about 0.25 pF is required. The large permittivity of BST makes even physically small

capacitors (∼ 1.8 pF at 0 V bias for our case) significantly larger than this. Achieving

a large δ if C ¿ CBST is very difficult, and a larger tunability can be achieved in

designs operating at lower frequencies.

3.6 Summary

This chapter developed several approaches for realizing tunable metamaterials. The

initial approach involved loading SRRs with microwave varactor diodes for resonance

tuning. It was shown that the tolerance of the diodes was unacceptably wide, resulting

in a medium with a broad and lossy response. The other approach involved using

BST thin film capacitors to tune the SRR resonances. The tight tolerance of the

BST thin films made them advantageous for use in a multi-cell SRR medium. The

main disadvantage of BST is that the material was significantly lossy. In the future,

better BST thin film fabrication techniques to lower the dielectric loss tangent will

improve the response of the tunable metamaterial. The BST-loaded SRR medium

tuned over roughly an 8% bandwidth at the center resonant frequency.
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Chapter 4

Digitally Addressable Split-Ring
Resonators

(Note: Some of the contents and ideas contained in this chapter have been presented

at the 2008 International Radio Science Union (URSI) General Assembly meeting

in Chicago, Illinois. A poster and a talk for the student paper competition was also

given. Some of the work has also been accepted for a future publication in IEEE

Antenna and Wireless Propagation Letters, 2009.)

4.1 Introduction

The last chapter developed methods to realize tunable magnetic metamaterials using

varactor diodes and BST thin-film capacitors. The BST has a tight sample-to-sample

tolerance, but it was very lossy. This contributed the most to the overall loss in the

SRR. The varactor diode variance resulted in a very disordered medium with mul-

tiple damped resonances. The main resonance of the medium was attenuated and

broadened in frequency from the ideal response. The effect of disorder in metama-

terials was studied in [35], where it was shown that the effective permeability µeff

of such a medium depends on the permeabilities of the individual constituents µi

(i = 1, 2, ...N). The Bruggeman model for dilute mixtures is given by [35]

N∑
i=1

fi
µi − µeff

µi + 2µeff

= 0 (4.1)

to find µeff of the effective medium, where
∑N

i=1 fi = 1, and fi is the filling fraction

of each constituent. In [35], various levels of disorder was engineered into several

SRR medium samples, and is was shown that tolerances greater than σ = ±5 %
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lead to losses severe enough to prevent the realization of a negative magnetic per-

meability band. It was mentioned in the previous chapter that the tolerance of the

Skyworks SMV 1405-079 varactor diode is large enough to damp a SRR medium to

the point where a band of negative µ is not possible. In addition to variances in

the electromagnetic response of the SRRs, other sources of variation (i.e. unit cell

spacing, SRR copper trace width and thickness) also tend to broaden and damp the

magnetic resonance. Although the ohmic and dielectric losses within the copper trace

and capacitance limit the overall usefulness of the SRR, variations between unit cells

are just as critical [35].

Not wanting to restrict ourselves to tight tolerance components, we present a

method to compensate for metamaterial disorder using an external control scheme.

The method compensates for variations in the metamaterial by controlling the re-

sponse of each SRR individually. Individually addressing each SRR allows reduced

the effective losses in the metamaterial by compensating for all sources of variance.

This control scheme is referred to as unit cell “addressing,” since it utilizes a com-

mercially available addressable chip to communicate with each SRR. To demonstrate

the usefulness of this approach, we will see experimental results of an eight cell meta-

material composed of “addressable” SRRs to show that losses are mitigated. This

confirms that tight tolerance among SRRs is needed to reduce overall losses and in-

crease the strength of the magnetic response. A strong magnetic resonance is usually

desirable, as this yields a broader range in magnetic permeability (both positive and

negative values).

4.1.1 Applications Incorporating Addressable Media

The ability to control individual SRR responses has other useful applications in ad-

dition to compensating for diode and fabrication variances. A multi-band resonant
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magnetic medium can be realized by tapering the diode biases across the slab, which

spaces the individual SRR resonances across a given frequency band. If the SRR

losses are small, a medium can be designed with multiple tunable negative perme-

ability bands. The medium could also exhibit a flat stop-band transmission response

by narrowing the diode bias tapers to closely space the resonances. The ripples in

the stop band can be suppressed by designing the addressable medium with many

unit cells. This functions as an analog LC filter, where a sharper cutoff and flat-

ter stop-band response is achieved through the addition of more reactive elements.

This tunable filtering application will be explored towards the end of this chapter.

Additionally, the responses of the SRRs could be tuned to form a refractive index

gradient across the medium, which could be used to steer the direction of the reflected

and transmitted fields [42]. An idea for a frequency selective surface incorporating

addressable metamaterials is discussed in the next chapter.

4.1.2 Design of the Addressable SRR Metamaterial

We have seen that the Lorentz model is useful in predicting the frequency dependent

magnetic permeability for an array of SRRs [6]. In the model, it is assumed that

the response of the SRRs are identical, where the oscillator strength F and quality

factor Q are based on the properties of an individual unit cell. The model is useful

in situations when the metamaterial variances are small, but it needs to be modified

using electromagnetic mixing rules when variances become large, as discussed in

[35]. Unfortunately, the wide tolerances of the Skyworks varactor diodes prevents the

tunable medium from achieving a Lorentzian permeability governed by equation 1.22.

Tighter tolerance diodes could be used, but the purpose of developing an addressable

metamaterial is to show that tight control among unit cells is critical in achieving a

strong and low-loss response, independent of the component tolerance. Thus, we can
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meaningfully compare the responses of a metamaterial with and without control.

4.1.3 The Maxim DS-2890 Digital Potentiometer for Unit
Cell Control

A logical approach to controlling each SRR is to design a circuit that can tune its

response externally. For the BST medium of the previous chapter, a single bias was

applied to each unit cell, and the medium was able to tune with a single distinct

resonance, only because cell-to-cell SRR variations were very small due to the tight

control in the BST thin film processing. For the diode-loaded SRRs, we will integrate

a one-wire digital potentiometer configured as a variable voltage divider within each

SRR. Maxim DS-2890 digital potentiometers are a good candidate, and their output

resistance tunes between 0–100 kΩ using a 256-position linear taper (the resistance

between the WPR and RL pins shown in Fig. 4.1). They are “one-wire” addressable

devices, which means we can link many of them together on a single wire and use

software to locate them and control their state. An assembly language program can

be written to “talk” to the digital potentiometers, but Maxim has published “One

Wire Viewer,” a useful Java program to make interfacing with the network of DS-

2890 chips easier. A screen shot of the One Wire Viewer software is shown in Fig. 4.7,

with four DS-2890 chips connected to the network. Each DS-2890 is encoded with

a unique 128-bit serial number so that it can be used in a very large network and

still have the ability to be uniquely addressed. Shown in Fig. 4.3 is the DS-9097U

adapter, which is used to connect the one wire network (via an RJ-11 connection) to

a PC serial port.

4.2 SRRs Addressed Using the DS-2890

To tune the capacitance of the SRRs, we used the Skyworks SMV1405-079 hyper-

abrupt junction tuning varactor diode. The junction capacitance (Cd) of the diode
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decreases as the reverse bias voltage is increased, with an effective series resistance

(ESR) off about 0.8 Ω for frequencies below 1 GHz. As discussed in chapter 3, a

gap must be placed in series with the diode. This gap also has a capacitance (Cs)

which must be taken into account since it has a strong influence on the SRR reso-

nant frequency. Similar to the BST metamaterial, the ratio Cs/Cd determines the

resonant frequency and tunable range of the SRR. The microstrip waveguide can

performing reliable material extractions at frequencies around 1 GHz, so we seek an

SRR design that is resonant and tunes around this frequency. Ansoft HFSS was used

to to find the SRR dimensions to fit this requirement, and a picture of the fabricated

addressable SRR (on FR4 substrate) is shown in Fig. 4.2. An advantage of using the

varactor diode as a tunable capacitance within the SRR is that its capacitance tun-

ability τ > 4 (Cd tunes from 0.63 pF to 2.67 pF), and most of the electric field energy

around the SRR resonance will be confined within the diode and not the lossier FR4.

A 1 pF surface mount capacitor is used as the isolation capacitance since it is less

lossy than the FR4 in the gap.

As mentioned before, we need the area of the SRR to be as large as possible while

minimizing its self inductance in order to achieve the strongest response possible [12].

Figure 4.2 shows the SRR design that achieves a strong response for a resonance

around 900 MHz. The SRR edge length a = 20 mm and the trace width w = 3

mm yields an inductance Leq ≈ 35 nH. This inductance was estimated using Ansoft

Q3D Extractor. With the addition of the SMV1405-079 varactor diode (Cd) and a

surface mount capacitor (Cs) of 1 pF, the particle tuned over a range δ ≈ 110 MHz

(from 890 MHz to 1 GHz). The loss mechanisms within the SRR include the varactor

diode, the isolation capacitor, and ohmic losses in the copper trace. The radiation

losses for this SRR design can be ignored, since for the target resonant frequencies,

Rrad ≈ 31171A2/λ4
0 < 0.15 Ω. An external voltage V0 applied between RH and
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Figure 4.1: Schematic showing how the Maxim DS-2890 digital potentiometer is
wired to the varactor-loaded SRR. The resistance between the RL and WPR pins on
the DS-2890 is adjustable between 0-100 kΩ, so that the voltage across the varactor
diode Cd can be adjusted between 0–V0 volts.

Figure 4.2: View of an individual unit cell of the addressable slab, where w = 3 mm
and a = 20 mm. The resistor R (127 kΩ) is used to isolate the SRR from the bias
lines. The varactor diode Cd tunes continuously between 0.63 pF and 2.67 pF, and
the surface mount capacitor (Cs= 1 pF) is used to isolate Vcc from ground (published
in ref. [43] and [44]).
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Connects RS-232 to 

RJ-11 cable (6-pin 

phone line)

Figure 4.3: Photograph of the DS-9097U adapter used to interface the one-wire
network with a PC. Three signal lines: Vcc, ground, and the one-wire line (1-W) are
connected to a standard RJ-11 jack, which is connected to the DS-9097U adapter.
The adapter is connected to a standard PC serial port, where One Wire Viewer is
used to search the network for DS-2890 chips.

Figure 4.4: Photograph showing the fabricated addressable metamaterial medium
used for measurement with the three control wires for individual SRR biasing (pub-
lished in ref. [43] and [44]).
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Figure 4.5: Photograph of the addressable slab inserted in the microstrip waveguide
(width 14.7 cm) for effective permeability retrieval, where d = 2 cm and h = 3 cm.
Eight unit cells were spaced approximately 1.6 cm apart in the transverse direction
to fill the entire transverse plane of the waveguide (published in ref. [43] and [44]).

RL (Fig. 4.1) controls the bias across each diode between 0 − V0 volts by adjusting

the resistance between WPR and RL. The fabricated eight-cell addressable medium

is shown in Fig. 4.4, where V0 is applied between Vcc and ground. The one wire line

(1-W) and the ground line are connected to a PC, where the Java Applet “One Wire

Viewer” is used to locate and control the state of each DS-2890 potentiometer.

4.3 Metamaterial Measurements – No Control

Figure 4.5 shows the eight-cell addressable slab placed in the microstrip waveguide,

where the TEM fields of the waveguide will be used to retrieve the effective perme-

ability of the addressable slab using the standard retrieval techniques of [28]. An

HP-8720A vector network analyzer was used to make magnitude and phase measure-

ments of S11 and S21. Figure 4.8(a) shows S21 of the tunable slab without addressing

each SRR individually – the WPR pin on each DS-2890 chip is set to 100 kΩ so that

V0 =10V is dropped across each diode. The medium response tunes with frequency,

but the variance in the SRRs (mainly due to the varactor diodes) splits the resonant
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Figure 4.6: One-wire network schematic used to control the state of each SRR.
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Figure 4.7: The One Wire Viewer Java application used to control the resistance
of the DS-2890 digital potentiometers. Each DS-2890 chip connected to the one-wire
network is visible in the device list window, and the wiper position is easily controlled
in the Wipers window shown in the bottom right.
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frequencies apart. Retrieving the effective permeability of the addressable slab [28]

shows that the magnetic resonances are also split apart, and this undesirably reduces

the oscillator strength and increases the overall loss of the medium. Figures 4.9 and

4.10 show that tan δm ≈ 1 for the lower resonance at 890 MHz and tan δm ≈ 0.55

for the resonance around 1 GHz, where both loss tangents are given at the µr = −1

frequency [13].

4.4 Measurements of the Metamaterial with Dig-
ital Potentiometer Control

Measurements of the tunable metamaterial slab for each SRR biased with the same

voltage revealed a spreading of the resonant frequencies, which is attributed to the

variations of the varactor diodes and unit cells. When operating the SRR medium

in the addressable state, V0 = 10V is applied across each SRR, and the WPR pin

on each DS-2890 chip is positioned so that each SRR resonant frequency overlaps.

To show that losses decrease and the oscillator strength increases when the unit cells

are addressed, the DS-2890 wipers were adjusted so that the medium responded with

distinct resonances at 900 MHz and 970 MHz (Figure 4.8). Retrieving the magnetic

permeability of this addressable medium shows that strong magnetic resonances are

discernable at these frequencies with the magnetic loss tangent significantly reduced,

with tan δm ≈ 0.57 for the lower resonance at 900 MHz and tan δm ≈ 0.3 for the

resonance at 970 MHz at µ′r = −1. These µ′r = −1 loss tangents are reduced by

almost a factor of two, suggesting that tight SRR control is critical in obtaining

strong and low-loss responses.
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Figure 4.8: (a): S21 through the 8-cell slab without control of SRR resonances for
external biases V0 between 0V and 10V . The medium tunes over 100 MHz, but
the diode variance splits and weakens the SRR resonances. (b): S21 through slab
utilizing control with V0 = 10V feeding each SRR. The effect of control improves
the transmission response to a single unique resonant frequency that is narrower and
stronger in magnitude. The transmission is shown for the addressable slab for WPR
settings in two states (published in ref. [43] and [44]).
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Figure 4.9: (a): Retrieved magnetic permeability for the uncontrolled medium
(V0 = 10V applied across all diodes). (b): Retrieved magnetic permeability for the
controlled medium. By adjusting the wiper on each digital potentiometer to align the
SRR resonances, the resulting magnetic permeability resembles a Lorenztian , and
the µr = −1 loss tangent is significantly reduced (published in ref. [43] and [44]).
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Figure 4.10: Real and imaginary components of the magnetic permeability for the
addressable metamaterial in both the uncontrolled (top row) and controlled (bottom
row) states. The µ′r = −1 loss tangent is reduced by almost a factor of 2 when SRR
addressing it implemented (published in ref. [43] and [44]).
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Figure 4.11: (a): Overlay of measured permeability (dashed) for controlled medium
with Lorentzian with parameters F = 0.2, Q = 140, f0 = 900 MHz. (b): Mea-
sured permeability with Lorentzian for controlled medium with parameters F = 0.2,
Q = 120, f0 = 970 MHz (published in ref. [43] and [44]).
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4.4.1 Estimating Q and F from the Retrieved Permeability

With knowledge of the unit cell geometry and accurate estimation of the SRR equiv-

alent circuit parameters (R, L, and C), we can estimate Q and F from the Lorentz

model (equation 1.22) and compare this with the retrieved permeability. For our

unit cell geometry and resonator density, the oscillator strength F ≈ 0.2. The qual-

ity factor Q of the medium varies between 120-140, depending the diode bias. Fig-

ure 4.11 shows an overlay of the retrieved magnetic permeability with the theoretical

Lorentzian curves with these Q and F values into equation 1.22 with f0 = 900 MHz

for the lower resonance and f0 = 970 MHz for the higher resonance. The close

agreement between the theory and what was retrieved experimentally shows that ad-

dressing each SRR reduces variances since the Lorentzian of equation 1.22 assumes

the medium is composed of identical resonators.
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Figure 4.12: Transmission response S21 for the addressable slab configured as a
band-stop filter. The digital potentiometers are configured in such a way as to excited
three strong resonances spaced apart to realze a stop-band response. This shows the
usefulness of the addressable metamaterial to configure its response as a microwave
filter (published in ref. [43]).

88



4.5 Configuring the Addressable Medium as an
Electromagnetic Filter

Although the main purpose of this project was to tighten SRR variations by con-

trolling the individual response of unit cells, there are applications where it would

be desirable to split apart the SRR resonances. If instead of overlapping all SRR

resonances there is a slight offset, then there will be a broader stop band in S21. If

enough SRRs are present in the medium, then the ripples in this stop-band can be

suppressed, rendering such a material useful as an electromagnetic band-stop filter.

Shown in Fig. 4.12 is the transmission S21 through the addressable slab with the

digital potentiometers set to excite three evenly spaced equal magnitude resonances.

This demonstrates the slab’s use as a band-stop filter, where a sharper cutoff and

flatter stop-band response can be realized if more addressable SRRs are added to the

medium.

4.6 Summary

Experimental results of the addressable magnetic metamaterial reveal that we can

compensate for fabrication and lumped element variations in the individual SRR

responses. Without individual SRR control, it was very difficult to excite a single

distinct resonance in the transmission response. The addressable unit cell architecture

presented in this chapter drastically improved the response of the tunable magnetic

metamaterial, where the medium in the addressable mode shows much improvement

in the strength of the magnetic permeability resonance, as well as a reduction in the

magnetic loss tangent. An advantage of the addressable medium is that it relaxes

the tight tolerance constraints on the lumped element components used to realize the

tunable magnetic metamaterial. As the resonant particles shrink in size to realize

responses at optical frequencies, maintaining tight tolerances between unit cells be-

comes increasingly difficult, but individual unit cell addressing can compensate for
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the limitations in fabrication. The addressable metamaterial approach is also useful

for electromagnetic filter applications, since it was seen that the potentiometers can

be adjusted to broaden the stop-band response. In the next chapter, we will apply

both the metamaterial tuning and unit cell addressing approaches to the development

of a reconfigurable frequency selective surface.
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Chapter 5

Reconfigurable Frequency Selective
Surface Using Metamaterials

(Note: Portions of this chapter have been presented at the International Radio Sci-

ence Union (URSI) January 2009 meeting in Boulder, Colorado. The latter part of

the chapter that focuses on the design of the reconfigurable metamaterial reflectar-

ray is in review for publication in IEEE Antennas and Wireless Propagation Letters.

This work has also been selected for presentation at the 2009 IEEE APS Meeting in

Charleston, SC. The discussion on the physics behind the CELC particle has been

published in the paper “Characterization of Complementary Electric Field Coupled

(CELC) Resonator Surfaces,” T.H. Hand, J. Gollub, S. Sajuyigbe, S.A. Cummer,

and D.R. Smith, Applied Physics Letters 93, 212504, 2008.)

5.1 Introduction

The previous chapters explored interesting ways to enhance the response of meta-

materials using MEMS switches and tunable elements for frequency tuning and unit

cell addressing. Chapter 2 explored SRRs loaded with RF MEMS switches, chap-

ter 3 showed that tuning resonant magnetic metamaterials is possible using varactor

diodes and BST thin film capacitors, and it was seen in chapter 4 that tight control

of the resonant properties of magnetic metamaterials is possible through individual

unit cell addressing of varactor-loaded SRRs. In this chapter, we will apply these

concepts to the realization of a reconfigurable frequency selective surface. We will

first discuss the operating fundamentals behind frequency selective surfaces, and dis-

cuss relevant literature in this area. The topics discussed in the previous chapters will

be applied to the development of a reconfigurable metamaterial frequency selective
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surface using addressable complementary electric LC (CELC) resonators. We will

first develop an understanding of the CELC particle, and then design, fabricate, and

measure the CELC reflectarray. The main goal of this metamaterial reflectarray is to

show that the electromagnetic scattering off a planar surface can be tightly controlled

using tunable and addressable metamaterial elements. It will be seen later that the

experimental measurements agree quite closely with analytical predictions. Such a

reconfigurable metasurface can be used in a wide variety of applications which will

be explored throughout this chapter.

5.2 Frequency Selective Surfaces

Frequency selective surfaces (FSS) are thin sheets or planar arrays of periodic/aperiodic

elements that exhibit some frequency filtering property. The elements can either be

patches or apertures, and in traditional designs, the FSS usually operates around the

half-wavelength resonance of the elements. FSS are the microwave analog of LC fil-

ters from circuit theory, in which the surface is used as a filter for plane waves. They

are periodic or quasi-periodic arrays of elements with frequency dispersive properties

that can be engineered to meet desired specifications, and can be realized with either

active or passive elements. The radiated far-field pattern of the surface can be con-

trolled by driving the elements with voltages or currents of appropriate amplitudes

and phases. For passive FSS, the elements are excited by the incident plane wave,

and the magnitude/phase of the reflection coefficient can be controlled by altering the

geometry of the elements. FSS have a wide variety of applications in radar systems

and antennas [45, 46], such as radomes [47], reflectors, EMI shielding, and Radar

Absorbent Materials (RAM)[48, 49, 50, 51]. A key advantage of FSS is in replacing

conventional bulky mechanically steered phased-array antennas and parabolic reflec-

tor antennas. In most applications FSS are a realized using a planar surface, and

their thin profile makes them highly desirable to reduce the complexity, volume, and
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weight of many antenna systems.

Typically designed using electrically large scatterers, the reflection and trans-

mission characteristics of FSS can be engineered by changing the size and shape

of the individual unit cell patterns. There are two main classes of FSS elements:

patches and apertures, as shown in Figs. 5.1 and 5.2. FSS patch arrays tend to block

the transmission of electromagnetic energy around the self resonant frequency of the

patches, whereas aperture FSS tend to pass electromagnetic energy near the aperture

resonance (refer to Fig. 5.2). Thus, patch-type FSS can be thought of as band-stop

plane wave filters and aperture-type FSS can be thought of as band-pass plane wave

filters. A simple equivalent circuit model for patch arrays is a series LC tank, whereas

the aperture array can be modeled by a parallel LC circuit. Common FSS element

shapes are circular, rectangular dipole, cross dipole, tripole, ring, square, and grid-

ded square loop [52]. Detailed analysis using these structures can be found in [53]

and [54]. Figure 5.1 shows three common types of FSS, along with their equivalent

circuits and transmission spectra. FSS can have low-pass, high-pass, band-pass, or

band-stop spectral characteristics which depends on the geometry and spacing of the

periodic structures. Each FSS element has advantages and disadvantages depending

on factors such as the resonant frequency, loss, bandwidth, and polarization require-

ment for a given application. For a given design, the bandwidth can be increased

by placing a dielectric material over the FSS, or by stacking several arrays on top of

each other in the direction of propagation with dielectric spacers between each layer

[52].

Much of the analytical foundations for FSS were developed throughout the 1950’s

and 1960’s, when research into antenna and radar technology was an active commer-

cial and defense interest within the United States [52]. They were primarily developed

for use in radar systems, broadband communications, and antenna technology. The
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United States Air Force, in particular, was interested in reducing the echo, or radar

cross section (RCS) characteristics of aircraft, and the first efforts involved research

into radar absorbent materials (RAM) [52]. Airborne antenna systems were a sig-

nificant echo source that would reveal the location and trajectory of the aircraft to

hostile, as well as friendly sources. Putting RAM over the antenna to reduce the radar

signature of the aircraft was an option, but this would reduce the radar visibility of

the aircraft to friendly sources as well. The idea of using a surface that would only al-

low RF transmission through a narrow band of frequencies was desired, as this would

allow communication with friendly sources, but essentially “hide” the radar transmis-

sion from hostile forces since the communication signal is confined over a very narrow

band of frequencies [52]. From this concept, FSS became a practical defense and com-

mercial research interest. Everything from antenna radomes and subreflectors were

developed in part from the interest in FSS [52]. Modern FSS research focuses on their

application in photonic and electromagnetic bandgap structures [53],[54]. Through-

out most of the twentieth century, engineers were dependent on complex analytical

formulae when designing FSS due to the lack of computing resources. With the de-

velopment of computational commercial FDTD and FEM simulation tools such as

Ansoft HFSS and CST Microwave Studio, a much broader class of electromagnetic

problems became tractable. With these useful tools available today, most conceivable

electromagnetic problems can be handled given adequate computer processing capa-

bilities. In the early twentieth century, there was some research interest in periodic

structures such as diffraction gratings and artificial dielectrics, but it was not until

the later half of the twentieth century when more emphasis was placed on the investi-

gation of FSS for defense and commercial applications [53]. An important application

of FSS is in a hybrid radome, as shown in Fig. 5.3. In this application, the FSS placed

over the nose cone of an aircraft is transmissive over a very narrow band of frequencies
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Figure 5.1: Common conductor geometries used to for frequency selective surfaces,
along with their equivalent circuits and transmission spectra. The patch-type FSS ex-
hibit transmission stop-bands, whereas the aperture-type FSS exhibit a transmission
pass-band response (published in ref. [55]).
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Figure 5.2: An example of complementary arrays. Patch arrays (top) tend to have
a stop-band transmission response, whereas aperture arrays (bottom) tend to have a
pass-band response in transmission (published in ref. [52]).
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and reflective elsewhere. This makes the on-board antenna system in the nose cone

of the aircraft less visible to enemy radar systems [52]. Through the years, several

methods were developed to analyze and design FSS. A simple approach to model the

FSS is to find its equivalent circuit [54] and deduce the reflection and transmission

coefficients based on the circuit impedance. In this approach, the various periodic

elements are modeled as inductances and capacitances on a transmission line, and

solving the equivalent circuit allows one to determine the reflection and transmission

coefficients. Because this method is a quasi-static approach, it can only be applied

when the periodic structures are much smaller than the operating wavelength. Other

analysis techniques include the mutual-impedance method and the integral equation

method to predict the performance of the periodic array, where the latter is particu-

larly useful in handling arbitrary angles of incidence [53],[54]. The transmission and

reflection characteristics of FSS are most easily measured using horns as transmitting

and receiving antennas. Both TE and TM polarizations can be measured by rotating

the horns from vertical to horizontal. A closed waveguide can also be used to retrieve

the transmission and reflection coefficients of the FSS, but this requires that the FSS

be cut to fit inside the cross section of the waveguide. Reference [54] discusses various

measurement techniques to characterize the transmission and reflection coefficients

of FSS.

5.3 Reflectarray FSS and Antennas

Reflectarrays are a class of FSS that usually consist of periodically patch or aperture

arrays backed by a dielectric spacer and ground plane. Their primary use is to

deflect electromagnetic energy incident on the surface to some desired direction. The

scattered far-field radiation pattern is dependent on the amplitude and phase of the

wave reflected from the surface. The phase profile across the surface can be controlled

by changing the size and shape of the elements across the surface, or by tuning the
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Figure 5.3: Concept of a hybrid radome FSS with transmission band-pass behavior
to reduce antenna RCS out of band (published in ref. [52]).
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response of the elements. Changing the size of the patches or aperture across the

surface leads to a fixed far-field radiation pattern that cannot be changed for a given

design. Loading the patches or apertures with tunable elements to adjust the local

reflection magnitude and phase across the surface is more interesting, as this allows

the reflectarray to reconfigure its properties to mimic the behavior of a parabolic dish

antenna, for example.

5.3.1 Salisbury Screens, Jaumann Absorbers, and Circuit
Analog (CA) Absorbers

Figure 5.4: Salisbury (left) and Jaumann (right) screens used as FSS absorbers
(published in ref. [52]).

The Salisbury screen as see in Fig. 5.4 was one of the first attempts at creating

a radar absorbent/anti-reflective FSS [56]. The basic principle behind the Salisbury

screen is that the electromagnetic wave incident upon the FSS should not reflect
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Figure 5.5: Circuit analog absorbers using periodic structures (published in ref.
[52]).

back towards the source. Thus, the Salisbury screen is an attempt at reducing the

backscattering off an object. The Salisbury screen simply consists of resistive sheet

spaced a distance d = λ/4 from a perfectly conducing ground plane. It is important

to have the ground plane in the design, since this makes the FSS capable of reducing

the backscattering off any object, since no RF energy penetrates the back plane

[56]. Since the wave transmitted through the screen travels a roundtrip distance of

2d = λ/2, the wave reflected off the backplane destructively interfers with the incident

wave, ideally resulting in zero backscatter. Placing a dielectric spacer between the

resistive sheet and the backplane (for mechanical durability) results in a decreased

input impedance as seen from the resistive sheet, which reduces the bandwidth of

the FSS. To increase the bandwidth of the FSS, one can place two or more resistive

sheets in front of the perfectly conducing back plane – this is referred to as a Jaumann

absorber, and can be seen in Fig. 5.4. As is the case with the Salisbury screen,

dielectric spacers are typically placed in between the resistive sheets for mechanical
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integrity. The presence of these dielectric spacers not only reduces the thickness of

the FSS, but they also extend its bandwidth [52]. A picture of a circuit analog (CA)

absorber is shown in Fig. 5.5. The CA is similar in operation to the Salisbury and

Jaumann absorbers, with the main advantage being a larger bandwidth due to the

presence of reactive elements [52].
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5.4 FSS Using Metamaterials

With the growing interest of metamaterials in the last decade, researchers have stud-

ied there use in a variety of applications, including FSS. These groups have investi-

gated different approaches to metamaterial FSS for use in antennas and beam-steering

applications. A paper by Chen, et.al. [42] presents an idea for a beam-steerable

radome using tunable negative index metamaterials. In the experiment, a metamate-

rial slab composed up of twenty distinct regions is illuminated by a normally incident

plane wave. The phase in each region is tuned using a varactor-loaded meander

structure, which steers the radiated far-field beam. Another paper by Boccia, et.al.

discusses an idea for a beam-steering reflectarray antenna using microstrip patches

loaded with varactor diodes [57]. The progressive phase distribution in the patch ar-

ray needed to steer the far-field beam is accomplished by tuning the varactor diodes

appropriately. Simulation results reported a total beam steering angle of ±12 degrees

using a five element patch array. Experimental results in a later paper [58] show that

the patch array can steer the far field pattern by almost ± 15 degrees. Some inter-

esting progress in metamaterials based FSS include reference [59], where the authors

discuss an idea for a FSS using a periodic array of metallic patches and wire grid

structures. In reference [60], the authors propose a metamaterial FSS using an array

of staggered dipoles to form a subwavelength cavity resonator. Patch and microstrip

antenna reflectarrays seem to be a popular design for surfaces that can control and

manipulate the magnitude and phase of the scattered fields [61, 62, 63, 64, 65]. Most

of these applications focus on novel designs for electronic beam steering.

Reference [25] discusses beam-steerable reflectarrays using RF microelectrome-

chanical (MEMS) switches to control the phase across a planar surface in discrete

increments. In their approach, a phase range of 150◦ was reported, with loss vari-

ations between 0.4–1.5 dB at 2 GHz. Much of the paper focuses on characterizing
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the MEMS switch and array element, which of course determines overall loss and

tunable range in the reflection coefficient magnitude and phase angle. The main

disadvantage to this approach is that the phase angle in the reflection coefficient for

each unit cell can only change in discrete increments, which means that the radiated

far-field beam pattern cannot steer continuously. Not only can the reconfigurable

metamaterials FSS developed in this chapter tune its phase continuously, it can do

so over a broader range of phase angles.

5.4.1 Metasurface Unit Cell Designs

Having provided an overview of relevant FSS literature, we will now select the most

useful metamaterial particle design for our reconfigurable FSS. Figure 5.6 shows ar-

rays of SRRs, ELCs, and their complementary particles. We are seeking a particle

that can be excited by either an in-plane electric or magnetic field for normal inci-

dence illumination. The SRR particle (Fig. 5.6a) is not useful for normal incidence

illumination, as it is only excited when a magnetic field component of the incident

wave is normal to the loop area. For TE polarization with large incident angles up

to grazing incidence (45◦ < θi < 90◦), the SRR is responsive, but it is important to

note that the response of the SRR depends very strongly on the angle of incidence.

A similar situation arises with the complement of the SRR, the CSRR, which is only

excited when a component of the electric field in the incident wave is perpendicular

to the surface. Thus, the design of Fig 5.6c is only appropriate for a TM polarized

wave at large angles of incidence. The ELC of Fig. 5.6b is useful around normal

incidence for TE polarization, but analysis and simulation (not shown) revealed its

phase tunability was much smaller than the complementary ELC (CELC), shown in

Fig. 5.6d. The CELC is very good around normal incidence for TE polarization, and

it turns out that its response is not very sensitive to incident angle [66]. This means
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that we can design it assuming operation at normal incidence, and its reflection and

transmission behavior will be invariant over most angles near 0◦.

(a) (b)

(c) (d)

Figure 5.6: Potential FSS using SRRs, ELCs, or their complements – metal is black,
dielectric is white. (a): SRR FSS, useful for TE polarization over large incidence
angles (θi ≈ 45◦−90◦). (b): ELC FSS, useful for TE polarization over large incidence
angles (θi ≈ 45◦ − 90◦). (c): CSRR FSS, useful for TM polarization over large
incidence angles (θi ≈ 45◦−90◦). (d): CELC FSS, useful for TM polarization around
normal incidence.
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5.5 Complementary Electric Field Coupled Res-
onators

The next several sections will discuss in detail the physics behind complementary elec-

tric LC (CELC) resonator, which will form the building block of our surface. Later,

these metamaterial particles will be loaded with tunable elements and addressed to

control their reflection coefficient magnitude and phase. We will now explore how the

CELC is excited, since this has raised a great deal of confusion among researchers.

Using the Babinet Principle and experimental measurements, we will show that the

fundamental resonance of the CELC can only be excited by an in-plane magnetic field.

We will make angle-resolved free-space transmission and reflection measurements for

a surface composed of these CELCS for TE and TM polarizations and different parti-

cle orientations to show that the CELC exhibits a purely magnetic response with no

cross-coupling behavior. This will confirm the Babinet particle duality between the

CELC and ELC structure: the ELC is solely excited by an electric field, where the

CELC is solely excited by a magnetic field. Characterization of the CELC structure

is important in expanding the current library of metamaterial elements designers can

utilize to make unique materials. Additionally, understanding of the CELC behav-

ior provides insight into how placing tunable elements on the particle will affect its

response.

5.5.1 Background Theory

It was shown in [14] that electric field coupled LC resonators (ELCs) can be used

to achieve a resonant electric permittivity [14] with zero magnetic response. To re-

alize a magnetic response (a negative magnetic permeability), SRRs have been used

extensively [6], but because they can only be excited with an out-of-plane magnetic

field, it is impossible to make a thin surface of SRRs that couples to the magnetic
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field component for a normally incident plane wave. Because of the interest of meta-

materials in a waveguide environment, the complementary SRR (CSRR), which is

the dual particle of the well known SRR was proposed in [67]. It was shown to real-

ize a resonant electric response when illuminated with an out-of-plane electric field,

as one would expect from application of the Babinet principle and the concept of

duality [67]. It is of interest to verify that the CELC achieves a purely magnetic
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Figure 5.7: Ansoft HFSSTM simulation of the vector ELC electric field (top) and
CELC magnetic field (bottom) (in the y = 0 plane) when illuminated by an incident
electromagnetic plane wave from z < 0. The bolded arrows show the direction of the
dipoles (with exp(+jωt) implied). Notice that for the CELC, the sign of the magnetic
dipole m changes sign from z < 0 to z > 0 due to the odd symmetry requirement on
H ′

x (published in ref. [68]).
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response with no cross coupling. The CELC metamaterial structure offers potential

applications in waveguide environments, where it can be used to realize passive and

active phase shifters [69], filters [70, 9], power splitters [71], etc. It will be the chosen

periodic element for the reconfigurable metamaterial reflectarray.

5.5.2 Babinet Principle Applied to the CELC Particle

The duality between the CELC and the ELC can be understood through the Babinet

Principle. If an infinite sheet in the z = 0 plane composed of resonant ELCs is

illuminated by some incident fields E0,H0 (propagating in the +z direction) and its

complement (the CELC) is illuminated by the +z traveling incident fields E0
c ,H

0
c ,

then Babinet’s Principle requires that [4, 67, 72]

E0
c = Ec − Z0H, H0

c = Hc + (1/Z0)E (5.1)

be satisfied for z > 0, where Z0 =
√

µ0/ε0 ≈ 377Ω and E,H and Ec,Hc are the total

fields for the ELC and CELC systems, respectively. The incident fields are related

to each other by [73, 72]

E0 = Z0H
0
c , H0 = −(1/Z0)E

0
c (5.2)

Because all of the currents are confined in the z = 0 plane, the scattered fields E′,H′

and E′
c,H

′
c must obey certain symmetries in z: H ′

z, E
′
x and E ′

y are even functions of

z, whereas E ′
z, H

′
x and H ′

y are odd functions[4, 67]. Using the Babinet principle, if

an ELC is excited by an incident plane wave with polarization E0 = x̂E0, then the

ELC will generate an electric dipole p ∝ E0, where the scattered fields E′,H′ are

approximately the fields generated by p. There is no net magnetic dipole m for the

ELC due to the oppositely wound inductive loops [14]. Because of the even symmetry

requirement on E ′
x, p does not change signs across z = 0. In order to satisfy (5.1),

the fields scattered by the CELC for z > 0 (E′
c,H

′
c) should be those produced by
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a magnetic dipole m ∝ H0
c . E0

c = −Z0H
0 implies that E0 incident on the ELC

must be rotated 90 degrees around the propagation axis in order to excite the CELC.

Because of the odd symmetry requirement on H ′
x, m must change sign across across

z = 0. Figure 5.7 shows the Ansoft HFSSTM simulation of the vector electric and

magnetic fields in the y = 0 plane for the ELC and CELC particles, respectively.

These simulations confirm the required symmetry of the fields as discussed above.

5.5.3 Measuring the Response of the CELC and ELC Meta-
material Surface

To determine the complete electromagnetic behavior of the CELC, we fabricated two

arrays of CELC particles - the second sheet being identical to the first sheet except

that the CELC patterns are rotated by 90 degrees. By measuring the transmission

and reflection and transmission coefficients of the two sheets for TE and TM polarized

waves over a range of angles, we can determine the field configurations necessary to

excite a resonance. The CELC unit cell was designed to be resonant in the X-band

(8-12 GHz) due to the convenience of free space measurements in this range. A

close-up view of the particle (designed for a resonance near 10.5 GHz) with marked

dimensions is shown in Fig. 5.8. Dielectric lens antennas (1 ft. focal length) were used

to make measurements of the transmitted and reflected fields. The fabricated CELC

surfaces were placed at the midpoint between the transmitter and receiver, where a

rotating arm was used to turn the lens antennas so that the reflected and transmitted

fields could be measured over various angles. All measured data was taken using an

Agilent N5230A PNA-L network analyzer. The CELC surfaces were fabricated on a

250 µm thick FR4 board (εr ≈ 4.4 + j0.08) with a copper trace thickness of 17 µm

using standard photolithography. The boards measured 15.24 cm by 15.24 cm with

a unit cell size of 6 mm by 6 mm.
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Figure 5.8: Top left: Illustration of the designed CELC particle with orientation 1.
Top right: same dimensions as the design to its left, with the CELC pattern rotated
90 degrees (orientation 2). Bottom Left: Diagram showing how transmission mea-
surements were made. Bottom Right: Diagram showing how reflection measurements
were made (published in ref. [68]).
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Figure 5.9: Measurements for the CELC sheet in orientation 1. Top row: S11 mea-
surements (left) and S21 measurements (right) over several incidence angles for TM
polarization (H0 = x̂H0). Bottom Row: S11 measurements (left) and S21 measure-
ments (right) over several incidence angles for TE polarization (E0 = x̂E0) (published
in ref. [68]).
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Figure 5.10: Measurements for the CELC sheet in orientation 2. Top row: S11 mea-
surements (left) and S21 measurements (right) over several incidence angles for TM
polarization (H0 = x̂H0). Bottom Row: S11 measurements (left) and S21 measure-
ments (right) over several incidence angles for TE polarization (E0 = x̂E0) (published
in ref. [68]).
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Figure 5.11: Measurements for the ELC sheet in orientation 1. Top row: S11 mea-
surements (left) and S21 measurements (right) over several incidence angles for TM
polarization (H0 = x̂H0). Bottom Row: S11 measurements (left) and S21 measure-
ments (right) over several incidence angles for TE polarization (E0 = x̂E0).
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Figure 5.12: Measurements for the ELC sheet in orientation 2. Top row: S11 mea-
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ments (right) over several incidence angles for TE polarization (E0 = x̂E0).

113



Figure 5.9 shows the reflection and transmission coefficient magnitudes of the

CELC surface in orientation 1 for TE and TM incidence over angles ranging from

0-60 degrees. Transmission was measured from 0-60 degrees, and reflection was mea-

sured from 30-60 degrees. Consistent with our expectation, we observe no resonance

excitation for orientation 1 with TE polarization (Fig. 5.9 bottom row). This is an

expected result since no matter the angle of incidence, no magnetic field component

is ever perpendicular to the gap. Notice that the reflection coefficient is near unity

and the transmission coefficient is suppressed, indicating that the sheet behaves as

a conducting surface for this particle orientation. The top row of Fig. 5.9 shows the

reflection and transmission off the CELC surface for orientation 1 with TM polariza-

tion. In this configuration, the magnetic field is always perpendicular to the gap of

the CELC no matter what angle of incidence. Thus, we expect the transmission and

reflection coefficients to be invariant to incidence angle, as is clear from the results

in this figure. Even for angles as large as 60 degrees, the resonance strength in the

reflection coefficient remains virtually unchanged. It can be seen from Fig. 5.9 that

the transmission becomes slightly enhanced for large incident angles. This is due to

the fact that for large incident angles, the effective area of the CELC surface with

respect to the lense antennas decreases, thus less of the incident energy interacts

with the metamaterial surface. This same effect is also noticeable for TE incidence,

where the sheet behaves as a conducting surface. Figure 5.10 shows the reflection

and transmission magnitude for orientation 2. It is clear that for normal incidence,

the magnetic field is completely normal to the gaps (no parallel component), and

thus from the previous arguments we expect the particle to couple strongly to this

wave. The resonance in the reflection coefficient weakens for waves away from normal

incidence, an expected result since the component of the magnetic field normal to the

gaps diminishes as the angle of incidence increases. The transmission at resonance
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also decreases with large angles of incidence due to weaker magnetic coupling. Fig-

ure 5.10 (top row) shows the response of the CELC sheet in orientation 2 with TM

polarization. As can be seen, there is no incidence angle with a component of the

magnetic field normal to the CELC gap, resulting in no resonance excitation. For

this particle orientation and incidence polarization, the surface behaves like a flat

conducting sheet (equivalent to orientation 1 for TE polarization).

Figure 5.11 and Fig. 5.12 show the reflection and transmission magnitudes of

the ELC surface for particle orientations 1 and 2, respectively. From Fig. 5.11, it

is clear for TM incidence, no component of electric field is perpendicular to the

capacitive gap, and thus no electric dipole is generated which means the surface

becomes transmissive. The measurement clearly shows a low reflection and high

transmission property. When the fields are rotated 90 degrees for TE incidence, the

response is clearly different. Since E = E0x̂ for all incidence angles, the strength of

the excited resonance does not decrease as the incident angle is increased. Notice how

comparable these measurements are to the orientation 1 CELC with TM incidence,

futher proof of the dual nature between the ELC and CELC. When the ELC particles

are rotated 90 degrees to orientation 2, Fig. 5.12 shows the reflection and transmission

response for TE and TM incidence. Notice for TE incidence, no response is excited

since E has no component in the ŷ-direction. For TM incidence, E = E0ŷ for

normal incidence, but for oblique angles, the ŷ-component of E shrinks, resulting in

a weakened resonance for large incident angles. This is comparable to the CELC in

orientation 2 for TE incidence.
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5.5.4 Effective Parameter Retrieval of the CELC in a Waveg-
uide Environment

We now show how the CELC can be implemented in a waveguide environment to act

as a band-stop filter. Unlike the scenario where the particle is used as a surface for free

space measurements, the waveguide regime allows for the interpretation of an effective

refractive index. Because only one side of the CELC surface is used in the waveguide

environment, a strong magnetic dipole is created around it at resonance. Thus, a

magnetic dipole moment forms in the direction normal to the gap complement, which

means that we can interpret the channel formed by the CELC as having a resonant

magnetic permeability. It must be emphasized when the surface is being used in free

space and illuminated by a plane wave, we cannot uniquely define single values for

the effective permittivity and permeability, and hence refractive index. Looking at

Fig. 5.7, if we surround the unit cell by some sphere of arbitrary size (as long as it is

larger than the unit cell), we see that the net electric field generated by the particle is

non-zero. Hence, there is a net effective electric dipole moment per unit volume, and

the standard interpretation of effective permittivity applies. For the CELC, however,

the magnetic field generated by the particle on one side of the surface is equal and

opposite to the generated magnetic field on the other side. Hence, the net magnetic

dipole moment per unit volume generated by the particle is zero. The impedance

of the CELC, however, is still uniquely defined, and should be used to completely

characterize the surface.

When placed on the side wall of a closed waveguide where only one side of the

CELC surface interacts with the incident electromagnetic fields, a net magnetic dipole

moment is generated, and the interpretation of effective magnetic permeability can

be applied. Figure 5.13 shows the Ansoft HFSS model used to perform an effective

medium parameter extraction of the CELC particle. It is important to emphasize
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Figure 5.13: Simulation setup to determine the effective parameters of the CELC
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that the effective magnetic permeability and effective index interpretation can only

be applied when one side of the CELC surface interacts with the incident wave. This

simulation is important in demonstrating the utility of the CELC particle.

5.5.5 Summary of ELC/CELC Surface Measurements

In summary, the transmission and reflection coefficients of CELC surfaces were mea-

sured to show that the particle can only be excited when illuminated with an in-plane

magnetic field perpendicular to the gap, consistent with the Babinet principle. This

study shows that a frequency selective surface can be designed that have a response

only to magnetic fields. By characterizing the CELC, we have expanded upon on the

current library of metamaterial structures, helping metamaterial designers to employ

the CELC in different applications. The CELC can be used as a frequency selective

surface or in a waveguide environment.

5.6 Reconfigurable Metamaterial Reflectarray Us-
ing the CELC Resonator

The goal is to realize a metamaterial reflectarray whose spatial reflection coefficient

(magnitude and phase) can be controlled in real time, which will allow us to illuminate

the surface and receive the reflected energy over a range of angles surrounding the

surface. This surface could be used to hide or cloak [74],[75] an object by deflecting

electromagnetic energy away from the source. This concept can also be compared

with conventional stealth technology, which uses the edge configuration of an air-

craft’s hull to scatter incident electromagnetic energy away from the source to reduce

its radar cross section [76] (see F-117A Nighthawk stealth fighter in Fig. 5.26). The

tunable surface will be realized using an array of complementary electric LC res-

onators (CELCs) with a dielectric spacer and copper backplane. The advantage of
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using CELCs as opposed to SRRs is that they can be excited with an in-plane electric

field, enabling the material to have a very thin profile while still achieving a strong

response. The copper backplane is important if this structure is to be used on an

aircraft or other vehicle made out of conducting material that would scatter incident

energy, as the FSS will be designed so that it doesn’t matter what kind of object is

placed behind the CELC FSS, since the reflection is dominated by the CELC layer.

5.6.1 Plane Wave Scattering by a Rectangular Surface of
Finite Size

The performance of the reconfigurable CELC surface will be compared with a control

surface of equal size. The control surface is simply a flat conducting sheet, which has

a well known scattered far-field profile. The end goal of using addressable CELCs is

to show that the power scattered off the CELC surface is much different than for a

flat rectangular conducing plate of the same size. For incident electromagnetic energy

with electric and magnetic fields given by eqn. 5.3 and eqn. 5.4, the scattered electric

field is given by equation 5.5. For this particular problem, we are examining scattering

when the incident wave vector is in the φ = π/2 plane for a perfect electric conducting

plate of width b. Notice the scattered fields have approximately a sin x/x distribution

(x = 0.5βb(sin θs − sin θi)), with most of the scattered energy concentrated close to

the specular direction (θi = θs). Because the plate has a finite width, θi 6= θs, but

as the plate width b → ∞, θi → θs. As the plate width increases with respect to

the wavelength, the scattered energy becomes more confined spatially in the specular

direction, due to the 0.5βb argument in the sin function. For a wave incident in the
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yz (φ = 90◦) plane, the incident electric and magnetic fields are given by [11]

Ei = x̂E0e
−jβ(y sin θi−z cos θi) (5.3)

H i = −E0

η0

(ŷ cos θi + ẑ sin θi)e
−jβ(y sin θi−z cos θi) (5.4)

through which the scattered electric field in the E-plane (φ = π/2) is given by [11]

Es
φ ≈

e−jβr

r
cos θi

(
sin(0.5βb(sin θs − sin θi))

0.5βb(sin θs − sin θi)

)
(5.5)

and the scattered power P s
φ ∝ (Es

φ)
2. Notice that for the different plate widths,

z

x

y

si

E  , Hi i E  , Hs s

b

a

Figure 5.16: Illustration of scattering off a finite size metal plate. We are inter-
ested in the scattered fields in the φ = π/2 (yz) plane, as the measurements of the
addressable CELC metamaterial surface will be made in this plane.

the scattered power maximum always occurs at the same position. For small plate

widths, this maximum may not always occur in the specular direction, but it will

be fixed. The advantage of the addressable CELC metamaterial over a metal plate

is that the metamaterial surface can be formed to deflect an incident wave in some

controlled direction. This has many advantages in radar engineering, since the ability
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Figure 5.17: Angular scattered power off a metal plate for various plate widths b.
The plots are shown for a normal incidence illumination (θi = 0◦) in the φ = π/2
plane. Notice how most of the scattered power is concentrated in the specular (θ = 0◦)
direction, and becomes more confined in this direction as the size of the plate in-
creases.

to “beam form” the incident radiation in a variety of directions will reduce the radar

cross section of an object, making it more difficult to detect.

5.6.2 Analyzing the CELC Metasurface as a Phased Array

Up to now, we have studied the characteristics of the CELC particle, showing it can

only be excited by in-plane magnetic fields. Here we will use the CELC particle

as an element in a FSS. Because the CELC is composed of mostly conductor, it is

reflective away from its self resonant frequency, and transmissive at resonance. A

main advantage of the CELC over the ELC is the broad range in phase tunability

when loaded with a varactor diode. It will be seen in a later section that the CELC

can achieve a phase tunability of over 300 degrees, making it a great candidate for

a reconfigurable FSS. The main goal of this section is to study the back scattering
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of a FSS when illuminated with a normally incident plane wave. It was shown

earlier in this chapter that for TM incidence, the CELC response is invariant with

incident angle when the magnetic field vector of the incident wave is normal to the

gap complement region. This means that plane waves will be able to excite the same

response in the CELC no matter what angle of incidence. This is useful, since it

allows us to fully characterize the response of the CELC just by studying the way it

behaves for normal incidence illumination.

A convenient way to analyze a surface of CELC metamaterials is to treat it like a

phased array, where each element is driven by the same incident plane wave, and the

reflection coefficient magnitude and phase across the surface change with position.

This gradient in the reflection coefficient magnitude and phase angle can be used to

obliquely deflect a normally incident plane wave under certain circumstances. The

array factor [77]

F (θ) =
N∑

n=1

anej(nk0d sin θ+ψn) (5.6)

is used to determine the scattered far-field radiation pattern of the surface, where

N is the number of elements, k0 is the free space wave vector, d is the unit cell

size, θ is the elevation angle, and ψn and an are the phase and amplitude weights

on element n, respectively. From Fig. 5.17, it is clear that a normally incident plane

wave will scatter off the surface with a peak along the normal (0◦) direction, and

taper off with an approximate sin θs/θs distribution. Because the surface is homo-

geneous with a constant reflection coefficient magnitude (|Γ| = 1) and phase (Arg

Γ = π), the scattering of electromagnetic energy off this surface is fixed and follows

the form of eqn. 5.5. This means the surface has a known and predictable scattering

profile. In military applications, the scattered radar signal off a vehicle is typically

reduced by using radar absorbent material (RAM) or altering the edge configuration
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along the surface (as is done with the F-117A stealth fighter) to spread the incident

electromagnetic energy over a broad range of directions, thus reducing the power

scattered towards the receiver. These methods reduce the radar return and limit the

detectable range of the aircraft for both friendly and hostile radar systems. Although

it is highly desirable to make the aircraft invisible to enemy radar, this presents a

major disadvantage to friendly radar because it prevents the system from tracking

the aircraft. The method proposed here for controlling the scattering across the sur-

face is very practical because it controls the directional of the waves scattered off

the surface electronically. This essentially allows us to deflect the incident fields in a

direction dependent on the magnitude and phase profile across the surface. Another

method to reduce the radar return off an object is active cancelation [78, 79]. Active

cancelation is a jamming technique that requires the surface to sample the incoming

radar signal, analyze it, and the radiate the same signal out of phase with the inci-

dent signal, thus drastically reducing the energy returned to the receiver. A major

limitation of this approach is that there would have to be a lot of computing power

onboard the aircraft to calculate the properties of the surface necessary to hide the

aircraft from many different types of radar signals. Also, the idea probably would

not be robust enough to handle multiple radar sources.

Given that we want to change the scattering profile of a rectangular plate by

moving the peak (as seen in Fig. 5.17) away from 0◦ to some arbitrary angle θ′, what

phase profile is needed across the surface? In other words, how does the location of

this peak depend on the properties of the surface? We first look at the case where

we have an array of elements that have a uniform amplitude response (an = 1 ∀n).

In this case, the array factor is

F (θ) =
N∑

n=1

ej(nk0d sin θ+ψn) (5.7)
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and the magnitude squared of the array factor can be written as

|F (θ)|2 = [cos(k0d sin θ + ψ1) + cos(2k0d sin θ + ψ2)... + cos(Nk0d sin θ + ψN)]2 +

[sin(k0d sin θ + ψ1) + sin(2k0d sin θ + ψ2)... + sin(Nk0d sin θ + ψN)]2

(5.8)

The total electric field produced by the array is equal to the electric field produced

by a single element (E1(θ)) multiplied by the array factor F (θ). Thus, Et(θ) =

E1(θ)F (θ). If we define G(θ) = |F (θ)|2, which is proportional to the power scattered

by the array, then it can be written in the form

G(θ) =

[
N∑

n=1

cos (nk0d sin θ + ψn))

]2

+

[
N∑

n=1

sin (nk0d sin θ + ψn))

]2

(5.9)

Now we are interested in finding a relationship between the field maxima and the

phase profile ψn = {ψ1, ψ2, ...ψN}. Thus, to find the maximum value of Et(θ), we

need to find the extrema of G(θ). Taking the derivative of G(θ) yields

R(θ) =
∂G(θ)

∂θ
= 2k0d cos θ

(
N∑

n=1

sin(nk0d sin θ + ψn))

)(
N∑

n=1

n cos(nk0d sin θ + ψn))

)

−2k0d cos θ

(
N∑

n=1

cos(nk0d sin θ + ψn))

)(
N∑

n=1

n sin(nk0d sin θ + ψn))

)

(5.10)

From this, we can plug in θ = θ′ and given that k0 and d are known, we can determine

the {ψn = ψ1, ψ2, ...ψN} to deflect the peak to θ = θ′. Extrema will occur when

R(θ) = 0, which happens when the arguments of the sine and cosine functions equal

π/4 + 2πk, where k is an integer. From this we have the condition

nk0d sin θ′ + ψn =
π

4
+ 2πk (5.11)

125



or

ψn =
π

4
+ 2πk − nk0d sin θ′ (5.12)

Thus, to deflect the beam of radiation in some direction θ′, the reflection phase profile

must be a linear function of n. We are guaranteed that this selection of ψn will yield

a maximum since

G(ψn) =

[
N∑

n=1

cos (π/4)

]2

+

[
N∑

n=1

sin (π/4)

]2

= N2 (5.13)

Equation 5.12 will be used to determine the phase profile on each element in the

array necessary to deflect the incident plane wave to some angle θ = θ′. The surface

will consist of tunable CELC particles, each loaded with a varactor diode. By tuning

the capacitance of the diode, the phase angle ψn can be tuned across a wide range of

values. Configuring the surface to realize a phase profile in accordance with eqn. 5.12

will allow us to steer the peak scattered power at almost any desired angle. The useful

feature of the reconfigurable CELC surface is that the deflection angle θ = θ′ can be

controlled electronically, making the metamaterial surface very useful for radar cross

section (RCS) control and reduction, as well as wide angle dispersion of the incident

RF energy.

From eqn. 5.12, we see that in order to steer a beam θ′ degrees, the phase profile

ψn = {ψ1...ψN} must change between precise values. For example, suppose we want

to steer the deflected beam at an angle of θ = 30◦. For a ten element (N = 10) array

with element size d = λ0/5, k0d = 2π/5, this requires ψn to vary between 45◦ and

−70◦. It may only be possible to realize this range of phases offset by some constant

κ degrees. To see how this will affect the position of the maximum, we can just

replace ψn by ψn + κ into eqn. 5.10 to see how the scattered field profile is affected.

All of this analysis assumes that the elements reflected the incident energy with equal
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weight. That is, an = 1, ∀n. In practice, this effect will be impossible to achieve,

since the variation in phase of the CELC reflection will also yield a variation in its

reflection coefficient amplitude. Thus, it is important to to see how the scattered

far-field profile is affected by variations in the reflection coefficient amplitude across

the CELC metasurface.

5.6.3 Design and Simulation of the Tunable CELC Particle

An advantage of the CELC resonator is that it is easy to integrate varactor diodes

to tune its self-resonant frequency since it consists of two conductors that are d.c.

isolated. We wish to tune the CELC particle using a varactor diode, and since two

isolated conductors are required for the DC bias lines, a convenient diode placement

is shown in Fig. 5.18 and Fig. 5.19. The diode is modeled as a capacitor (Cd) with a

series resistor (Rd = 0.8 Ω), where Rd is the effective series resistance of the diode.

Figure 5.19 shows the surface current density on the CELC surface for frequencies

near and away from the self-resonant frequency, where it is seen that strong surface

currents on the copper flow through the gap in the center conductor and through the

varactor diode. For an SRR near resonance, the electric field is strong in the gap,

making dielectric losses significant. For the CELC, most of the energy is confined in

the strong surface currents, making ohmic losses dominant. As with other resonating

elements, keeping the dimensions of the CELC aperture electrically small ensures

that radiation losses are kept small.

What makes the CELC useful as an element in the tunable surface is that the

phase of its reflection coefficient can be controlled by adjusting the varactor capaci-

tance. It is important to understand exactly how this capacitance affects the reflec-

tion phase so that the capacitors can be tuned across the CELC surface to achieve

a desired phase profile. Given that the varactor diode capacitance Cd varies between
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Figure 5.18: Left: Diagram of the reflection tunable CELC unit cell. A layer of FR4
5 mm in thickness (εr = 4.4+ j0.088) is sandwiched between a copper backplane and
a CELC screen. Right: The diode is placed on the CELC sheet to tune the resonant
frequency of the CELC.

Varactor Diode

Figure 5.19: Surface current density distribution at resonance (right) and away
from resonance (left). Cd takes into account the capacitance of the varactor diode
(0.63–2.67 pF), and Rd is the diode’s effective series resistance (0.8 Ω).
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0.63 pF and 2.67 pF (as it does for the Skyworks SMV1405-073 varactor diodes), we

can find the range of achievable reflection phases for our CELC surface at a given

frequency using the commercial field solver Ansoft HFSS. If for each varactor-loaded

CELC particle we know the magnitude and phase of the reflection coefficient, then

we can determine how far (in degrees) we can steer the incident wave. Ideally, we

desire to tune the phase between each CELC particle while maintaining a uniform

magnitude distribution across the surface, but it will be seen shortly that we must

sacrifice magnitude uniformity if we want to achieve a larger phase tunability. The

metamaterial surface should operate at a frequency where the magnitude of the re-

flection across the surface does not change significantly, as we want the reflected field

magnitude from each CELC element to be uniform across the surface. We seek a

particle design operable at a frequency where microwave measurements will be possi-

ble, given our measurement equipment. We have two WR-340 waveguide adapters to

use as a transmitter and receiver, which are operable between 2–3 GHz, so we seek a

CELC design functional within this frequency range. Figure 5.18 shows the proposed

diode-loaded CELC particle, along with a dielectric spacer (FR4) and copper back-

plane. The dimensions of this particle make its reflection coefficient (S11) resonant

between 2-3 GHz, and placing the varactor diode as shown in Fig. 5.18 allows us to

tune the resonance.

Figure 5.20 shows the magnitude and phase of S11 for the tunable CELC surface

from Fig. 5.18 for several different varactor capacitances within the tunable range

of the Skyworks SMV1405-073 varactor diode. It is observed that as the varactor

capacitance is increased, the S11 resonant frequency tunes down. This is expected

since the CELC, being electrically small, can be thought of as an equivalent LC

circuit with resonant frequency f0 = 1/2π
√

LeqCeq. Increasing the diode capacitance

Cd increases Ceq, which decreases f0. For a fixed frequency, changing the varactor
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capacitance (by adjusting its reverse bias) tunes the value of both |S11| and Arg(S11).

This is very useful, as it tells us that we can form an array of these particles and

change the bias across each diode to change the magnitude and phase of S11 across

the surface. A plane wave normally incident on a surface consisting of these CELC

particles will be reflected obliquely if the phase can be varied across the surface. To

get the largest reflection steering angle, it is desirable to operate at a frequency where

there is much tunability in S11 phase but little tunability in |S11| (since we want equal

contribution from each element). Figure 5.21 shows the S-parameter magntiude and

phase for the varactor-loaded CELC over a much narrower range of frequencies (2.2

GHz < f < 2.3 GHz).

To see that the scattered fields of the CELC surface due to a normally incident

plane wave will reflect obliquely, we will simulate a five element CELC surface and

use the simulation results to operate at a frequency where we can achieve a large

phase tunability in the particle while keeping the reflection magnitude tunability

small. From Fig. 5.20, operating at a frequency of 2.25 GHz and varying the varactor

capacitance between 0.63–2.67 pF tunes S11 phase between -176.2◦ and +162.6◦, a

tunable range of almost 340◦! The magnitude tunability at this frequency is less

than 20 dB. This may seem like a significant magnitude range, but inputting these

magnitudes into eqn. 5.6 does not significantly alter the scattered far-field radiation

pattern. The non-uniform amplitude profile changes the size and shape of the side

lobes. To get an idea of how a non-uniform amplitude distribution across the surface

affects the radiation pattern, the various An can be plugged into eqn. 5.6 to see if the

side lobe levels are acceptable.
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Figure 5.22: Simulation Setup for the 5-cell tunable CELC surface. A plane wave
(k = k0ŷ) polarized in the ẑ-direction is normally incident on the surface, and the
capacitors loading each CELC element are adjusted to scatter this incident plane
wave in various directions. The surface is about 1.15λ0 in width for incident wave
frequency f = 2.25 GHz. The CELC screen is made of copper, and is backed by a 5
mm thick layer of FR4 (εr = 4.4 + j0.088), followed by a copper layer.
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5.6.4 Five Element Array Simulation

Figure 5.22 shows the simulation setup in Ansoft HFSS used to solve for the fields

scattered off a 5-element CELC surface with diode capacitances given by table 5.1

and table 5.2. A normally incident plane wave Einc = ẑE0e
−jk0y strikes the surface,

and we are interested in the back scattered electric field magnitude for y < 0 in the

z = 0 plane (See Fig. 5.22). Perfect Electric Conducting (PEC) boundary conditions

are used on the top and bottom sides, and the four sides are given radiation boundary

conditions. This simulation setup will allow us to observe the scattered electric field

magnitude in the z = 0 plane, which is what we intend to measure in the experiment.

Before the CELC surface simulation was executed, a sheet of copper the same size

(15 cm in length and 4 cm in height) was simulated, with the scattered electric field

magnitude shown in Fig. 5.27. The 5-cell CELC surface was then simulated for 10-

degree deflection, and the scattered electric field magnitude can be seen in Fig. 5.28.

Figure 5.29 shows the scattered electric field magnitude when the surface is configured

for 25-degree deflection. From the figures, it appears that the scattered fields seems

to deflect away from the surface normal, consistent with what was approximated

based on the phase tunability of an individual CELC unit cell.

5.6.5 Comparing Theoretical Model with Full-Wave Simula-
tion

Figure 5.23 shows the scattered electric field magnitudes for the CELC simulation

model of Fig. 5.22 for various deflection angles. Note that the unbiased CELC plot is

shown when zero bias is applied across each capacitor. This means that each capacitor

is 2.67 pF, resulting in |S11| close, but not equal to, unity. From Fig. 5.20, |S11| ≈
-0.1 dB for C = 2.67 pF. Also notice the non-negligible side lobes that appear for the

10◦ and 25◦ deflection angles, a consequence of the finite size of the array, as well as

the unequal distribution in |S11| across the surface. Figure 5.24 shows the scattered
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electric field magnitude when the amplitude and phase information from tables 5.1

and 5.2 for 10◦ and 25◦ beam deflection are inserted into eqn. 5.6. Notice for 10◦

and 25◦ deflection angles, the side lobe levels are not significant as in Fig. 5.23. This

is because the theoretical antenna array model for electric field scattering does not

take edge effects of the FSS into account, as is done in the Ansoft HFSS simulation.

Figure 5.25 shows the analytically predicted backscattering off the 5-cell meta-

surface given a random phase profile. All amplitude weights are set to unity. The

resulting scattered fields are compared with a perfectly conducting surface (unity

reflection coefficient and reflection phase of 180◦). It can be seen for the phase profile

given that the backscattering is reduced by more than 80% over most angles, render-

ing such a surface very good at dispersing the incident RF energy. The advantage of

this surface is that it is entirely planar, and it is the electronic properties of the sur-

face that controls how well the incident energy can be dispersed. This can be applied

to reduce the radar cross section (RCS) of an aircraft or other vehicle, as the radar

return (scattered electric field) over a wide range of angles around normal incidence

(from −30 < θs < 30) is significantly reduced. This is comparable with conventional

stealth technology (as shown in Fig. 5.26 from ref. [80]), where the strength of the

radar return is reduced by designing the edge configuration across the surface of the

aircraft appropriately. The data of Fig. 5.25 are plotted for a frequency f = 2.25 GHz

and cell size d = 3 cm. Figure 5.30 shows the scattered electric far-field magnitude

for the metasurface with 10◦ deflection, along with electric far-field magnitude plots

when the amplitude weights an are randomly varied by ±0.1 and the phase angles

are randomly varied by ±5◦. That is, the amplitude weights from table 5.1 are mod-

ified by an = an + X and Ψn = Ψn + Y , where X is a random variable distributed

uniformly between −0.1 and +0.1, and Y is a random variable uniformly distributed

between −5◦ and +5◦. Notice the significant effect this has on the side lobe levels,
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raising them by almost +10 dB in some directions.
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Figure 5.23: CELC Ansoft HFSS simulation results for various deflection angles.
The various capacitor values needed for 10 and 25 degree beam deflection (from
tables 5.1 and 5.2 were applied to the appropriate cell, and shown is the scattered
electric field magnitude for various deflection angles.
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Figure 5.24: Theoretical scattered electric field magnitude using simulation data
found in tables 5.1 and 5.2. The phase angles and corresponding amplitude weights
were plugged into eqn. 5.6 and plotted.
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Figure 5.26: The radar cross section of the Lockheed F-117A Nighthawk stealth
fighter is significantly smaller than other aircraft due to the edge configuration across
its surface (published in ref. [80]).
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Figure 5.27: Scattered electric field magnitude for an empty copper plate 1.15λ0
in width. The surface is illuminated with a plane wave normal to the CELC surface
(k = k0ŷ), and shown here is the scattered electric field magnitude for a frequency
f = 2.25 GHz.

10
o

Figure 5.28: Scattered electric field for the CELC surface designed for 10◦ deflection.
The surface is illuminated with a plane wave normal to the CELC surface, and the
capacitors loading each CELC element are configured to deflect the incident plane
wave 10◦ off normal using equation (5.12). The fields are plotted for a frequency
f = 2.25 GHz.
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Figure 5.29: Scattered electric field for the CELC surface designed for 25◦ deflection.
The surface is illuminated with a plane wave normal to the CELC surface, and the
capacitors loading each CELC element are configured to deflect the incident plane
wave 25◦ off normal using equation (5.12). The fields are plotted for a frequency
f = 2.25 GHz.
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Figure 5.30: Predicted scattered electric far-field magnitude off the metasurface
with amplitude and phase errors. The black curve is the idea response for steering
10◦ (using the amplitude and phase values from table 5.1), and the other curves
were generated by randomly varying the amplitude weights An between ±0.1 and
the phases between ±5◦. Notice that such modest amplitude errors lead to side lobe
levels different than what was expected analytically.
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5.6.6 Fabrication of the Reconfigurable CELC Metasurface

With the design of the CELC metasurface complete, we now proceed with the fab-

rication process. The local phase properties of the surface will be controlled using

individual unit cell addressing, as discussed in chapter earlier. The fabricated surface

must be large enough to minimize edge diffraction effects. If it is too large, many

unit cells will be required to cover the surface, and this will increase the complexity

of the addressable network. To make the board large enough to mitigate edge effects

yet keep the complexity of the addressable network reasonably small, a 25 element

(5 x 5) array was fabricated. The target operating frequency of operation is around

f = 2.25 GHz, with a free-space wavelength of λ0 = 13.33 cm. The width of the

board in the elevation (θ) plane w = 1.15λ0. Given this width, we can compare the

scattered fields off this CELC metamaterial surface to an aluminum control plate of

the same size. Figure 5.31 shows a unit cell of the designed addressable CELC sur-

face. The top layer consists of the copper CELC aperture loaded with the Skyworks

SMV 1405-079 varactor diode. Beneath the CELC layer is a 5 mm thick layer of

FR4 (εr = 4.4 + j0.088), followed by a copper ground plane (17 µm thick). Behind

this is the control board with the addressable circuitry. Via holes are drilled from

the bottom layer to the top CELC surface to bias the varactor. The CAD model of

the 5 x 5 unit cell circuit board, drawn using DXP, can be seen in Fig. 5.32. The 30

V line is fed to all 25 unit cells, and is used to power the LM-158 AST operational

amplifiers. The 5 V line fed to each unit cell is used to power all 25 DS-2890 digital

potentiometers, and the 1-W lines is used to address them. These three lines and the

ground lines are grouped together in a common control bus

The circuit schematic of Fig. 5.33 shows how the output bias across each varactor

diode is controlled. Each DS-2890 chip is connected to a common one-wire line (for

communication) and a common 5V line (for power). The output voltage of the DS-
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Figure 5.31: Unit cell schematic of the addressable CELC particle. The top layer
consists of the CELC screen with varactor diode, followed by a dielectric spacer (5
mm) on top of a copper ground plane. The very bottom layer holds the control
circuitry, with vias drilled to the top layer to provide the varactor bias.

Figure 5.32: DXP model of the bottom control board of the reconfigurable CELC
metasurface. Each unit cell is loaded with a DS-2890 digital potentiometer, along
with an LM-158 op-amp to provide an addressable output bias from 0–30V to each
CELC.
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Figure 5.33: (Top): picture of the top layer of the fabricated 25-cell addressable
CELC surface (15 cm x 20 cm). (Middle): Bottom control layer showing a close up
view of the DS-2890 digital potentiometer with LM-158 AST op-amp for supplying
varactor biases between 0-30V. (Bottom): Schematic Showing how the DS-2890 is
wired to the LM-158 AST op-amp to bias the varactor.
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2890 between RL (ground) and WIPER tunes between 0-5V as the resistance between

WIPER and RL varies between 0 Ω and 100 kΩ. To have full access the complete

capacitance tunable range of the SMV 1405-079 varactor diode (0.63–2.67 pF), and

output of 0-30V is required. Thus, we must step up the maximum output of the

DS-2890 from 5V to 30V, a factor of 6. To do this, an op-amp configured as a non-

inverting amplifier is connected to the output of the DS-2890 as shown. The output

voltage of the amplifier is given by

Vout = Vin

(
1 +

R2

R1

)
(5.14)

which is fed through vias to supply the reverse bias to the varactor diodes. For a

gain of six, it is evident that R2/R1 = 5. For the fabricated board, surface mount

resistors R1 = 180 kΩ and R2 = 1 MΩ were used. The LM-158 AST op-amp was

powered was powered by 32 VDC . Surface mount resistors R′
1 = R′

2 = R1 were used

to isolate the output bias signal from the RF current induced on the CELC screen.

5.6.7 Relating Reflection Coefficient Phase to Varactor Ca-
pacitance and Bias

For the experiment, the Skyworks SMV 1405-079 hyperabrupt junction varactor diode

was loaded on each CELC of the metasurface. The reverse-biased capacitance of the

hyperabrupt junction diode follows the form

C(V ) =
α

(β + V )n
(5.15)

where V is the applied reverse bias voltage, α = C0δ
−n, β = 1/δ, C0 is the zero-bias

capacitance, δ is the built in potential across the diode, and n is the tuning slope [34].

The parameters α, β, and n were determined by fitting C(V ) to the data provided
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Table 5.1: Surface Requirements for 10 Degree Deflection
10 Degree Deflection (Arbitrary Phase Shift κ = 149◦)

Req. Phase (deg) 124 138 152 166 181
Capacitance (pF) 0.936 0.868 1.038 0.63 2.67
Sim. Phase (deg) 125 137 152 162 -176

Sim. |Γ|, An 0.62 0.7 0.21 0.97 0.99
Bias Voltage Vbias (V) 10.01 12.39 7.44 30 0

Table 5.2: Surface Requirements for 25 Degree Deflection
25 Degree Deflection (Arbitrary Phase Shift κ = −104◦)

Req. Phase (deg) -93 -121 -149 156 128
Capacitance (pF) 1.038 1.14 1.242 0.732 0.936
Sim. Phase (deg) -60 -128 -150 157 126

Sim. |Γ|, An 0.1 0.66 0.858 0.944 0.622
Bias Voltage Vbias (V) 7.44 5.65 4.36 19.89 10.01

from the SMV1405-079 data sheet, where it was found that α = 2.2738, β = 0.6516,

and n = 3/8 fit the measured values from the varactor data sheet very closely. The

SMV1405-079 capacitance tunes down from 2.67 pF to 0.63 pF when biased from

0–30V. This C–V relation was used to estimate the varactor bias needed to achieve

the necessary capacitance for the required phase angle Ψn. The actual capacitances

Cn needed for each Ψn were found by modeling the CELC unit cell of Fig. 5.18 in

simulation using Ansoft HFSS. The required bias to realize each capacitance is given

by

V (C) =

(
2.2738

C

)8/3

− 0.6516 (5.16)

which is the inversion of eqn. 5.15.
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5.6.8 Radiation Pattern Measurement Using the Gimbal Stage

Now that we have a design that works well in simulation, it is time to plan out

how the scattered fields of the CELC FSS will be measured. A convenient way to

measure the scattered fields off the metamaterial over a range of angles is to use a

gimbal rotating stage with transmitting and receiving antennas. The gimbal stage

is a fixture that allows an object to rotate about two axes, providing motion over

a range of 360 degrees in two orthogonal planes. Since we are concerned with 2D

field measurements, we are only need to rotate the stage 180 degrees around one

axis. The Gimbal stage is a Newmark GM-12E 12” with highly accurate optical

360 Degree 

Rotation

Figure 5.34: GM-12E Gimbal stage by Newmark used to make electric field mea-
surements. The stage has two servo motors which enables 360 degree rotation around
2 axes. For our purposes, we only need to rotate 180 degrees around the axis shown
(picture published in ref. [81]).

encoders mounted on the rotating output spindle to eliminate errors associated with

the stepper motor positioner [81]. The motors are powered by a separate motion

control box (NSC-G Series motion controller) via RS-232 communication. The NSC-
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G controller is commanded by sending ASCII commands through the serial port of

a PC. The GM-12E stage can step at a resolution of 1 arc-second (≈ 5 µrad), so the

field measurements can be highly resolved. A picture of the Gimbal stage is shown

in Fig. 5.34

5.7 Measurements of the Reconfigurable FSS

We now present the experimental measurements of the addressable CELC frequency

selective surface (FSS). The CELCs are loaded with varactor diodes biased using a

network of one-wire digital potentiometers, configured as voltage dividers as explained

in chapter 4. The one-wire control line communicates with each digital potentiometer,

which allows for tight control of the bias across each varactor diode. We configure the

potentiometers to offset the CELC self resonances across the surface, which causes

a spatial gradient in the reflection coefficient phase angle. This gradient is tuned to

deflect a normally incident plane wave in a non-specular direction. The measurements

of the metasurface are compared with measurements of an aluminum plate of equal

size (with the maximum received signal in the specular direction). The surface is

measured for different potentiometer configurations to steer the main radiation peak

10◦ and 25◦ away from the specular direction. For the experiment, the addressable

CELC surface was attached to a rotating Gimbal stage, where WR-340 adapters were

used as the transmitting (port 1) and receiving (port 2) ports. Port 1 was placed at

a fixed angle for normal incidence (θi = 0◦) illumination of the CELC metasurface.

It was attached to the Gimbal stage and rotated with the metasurface and Gimbal

stage (see Fig. 5.35). Port 2 was fixed and positioned away from the Gimbal stage,

and elevated slightly to stay out of the shadow region of port 1. As the Gimbal stage

rotated through 180◦, port 2 received the reflected power with a resolution of 2◦. With

port 2 fixed and port 1 rotating with the surface so that θi is fixed at 0◦, measuring

the transmission from port 1 to port 2 (S21) is effectively measuring the reflection
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Port 2

Port 1

Gimbal Stage

-plane

s

Figure 5.35: Schematic illustrating how the reflection measurements were made.
Two WR-340 waveguide adapters were used, where S21 is interpreted as the reflection
off the surface. The picture shows measurements for θs = 90◦, and the Gimbal stage
rotates counter-clockwise to cover scattered angles −90◦ ≤ θs ≤ 90◦. The shaded
area denotes the θ-plane.
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off the CELC surface. The Gimbal stage swept through 180 degrees in 2 degree

increments, measuring S21, the scattered electric field energy, for (−90◦ ≤ θs ≤ 90◦)

between 2–3 GHz. The angle resolved CELC surface measurements were compared

with an aluminum plate control surface equal in physical size to the CELC surface.

For the control measurement, it is expected that the peak reflected signal will occur

in the specular direction (θs = θi = 0◦). With the width of the aluminum plate being

slightly larger than the free space wavelength λ0, we expect the reflected signal to

consist of a peak at θs = 0◦ with a sin θs/θs profile. Figure 5.36 shows the scattered

electric far-field radiation pattern measurements for the addressable CELC surface

and the aluminum plate, and Fig. 5.37 shows the scattered power. It is clear that

the peak reflection does occur at the specular angle θs = θi = 0◦ for the metal plate.

All the measurements in Figs. 5.36 and 5.37 were plotted for a frequency f = 2.3

GHz and k0 ≈ 48. The unit cell width d = 3 cm, and this information was used to

get the necessary phase profile ψn to steer the peak θ′ = 10◦ and 25◦. The actual

capacitances Cn needed for each ψn were found by modeling the CELC unit cell in

simulation using Ansoft HFSS. The required bias to realize each capacitance is given

by V (C) = (2.2738/C)8/3 − 0.6516 (the inversion of C(V ) discussed earlier). To

steer the beam −10◦ or −25◦ away from the specular direction, the biases can simply

be applied in the reverse order across the surface. The amplitude of the reflected

wave of each CELC particle is different from unity due to losses in the copper, FR4

substrate, and varactor diode. Because we are operating near the resonant frequency

of the CELC, |S11| changes significantly with bias. In reality, eqn. 5.6 is only an

approximation to the true radiation pattern since it assumes a unit amplitude weight

on each element. Simulations reveal that for the desired frequency of operation, the

amplitude gradient across the surface is slightly smaller than 20 dB. This means that

the largest amplitude weight is ten times that of the smallest amplitude weight. Using
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eqn. 5.6, it can be seen that a non-uniform distribution in |S11| does not significantly

affect the position of the radiation peak. It simply changes the size and shape of the

side lobes.
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Figure 5.36: Scattered electric field of the addressable CELC metamaterial FSS for
normal incidence illumination. All results are normalized to the scattered fields of an
unloaded aluminum plate of equal size to the metasurface. The unbiased metasurface
and the aluminum plate exhibit similar scattering characteristics, except that the
return from the metasurface is weaker, and this can be attributed to the absorption
from the CELCs. The surface is then programmed to deflect the incident plane wave
10 and 25 degrees, with results of the scattered electric field clearly exhibiting peaks
at those angles.
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Figure 5.37: Measurements of the scattered power for the addressable CELC meta-
material FSS. The peaks for various programmed deflection angles are easily dis-
tinguishable, and they taper off for for large deflection angles due to the decreased
effective cross section of the metasurface as seen by port 2. This decay falls off as
cos2 θs, and is overlaid with the measurements.
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5.7.1 Discussion of Measurements

Tables 5.1 and 5.2 show the reflection phase angle varactor capacitance, and varactor

bias needed to steer the peak away from the specular direction. These values were

found by setting ϕ′ equal to either 10◦ or 25◦ and finding the required ψn distribution.

The actual capacitances needed for each ψn were found by modeling the CELC unit

cell in simulation using Ansoft HFSS. The required bias to realize each capacitance

is given by eqn. 5.16, the inversion of the C(V ) curve discussed earlier. To steer the

beam -10◦ or -25◦ away from the specular direction, the biases can simply be applied

in the reverse order across the surface. The amplitude of the reflected wave of each

CELC particle is different from unity due to losses in the copper and FR4 substrate.

Because we are operating near the resonant frequency of the CELC, |S11| changes

significantly with bias. In reality, eqn. 5.6 is only an approximation to the true radi-

ation pattern since it assumes a unit amplitude weight on each element. Simulations

reveal that for the desired frequency of operation, the amplitude gradient across the

surface is slightly smaller than 20 dB. This means that the largest amplitude weight

is ten times that of the smallest amplitude weight. Using eqn. 5.6, it can be seen

that a non-uniform distribution in |S11| does not affect the position of the radiation

peak. It simply alters and raises the level of the side lobes.

5.7.2 Controlling the Radar Return off a Target

An important application of the reconfigurable addressable CELC surface is the abil-

ity to electronically change its radar cross section. The radar cross section is defined

to be the cross sectional area of a perfectly conducing sphere that would scatter the

same amount of power as the object. Mathematically, the RCS is defined as [15]

σ = lim
r→∞

[
4πr2 |Es|2

|Ei|2
]

(5.17)
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where Ei is the incident electric field and Es is the scattered electric field. In eqn.

(5.17), the limit means that the target must be far enough away from the transmit

and receive antennas to be in the far-field regime (R > 2D2/λ0, where D is the

largest dimension of the transmit and receive antennas). For a bistatic radar system

(transmitter and receiver not co-located), the power received can be expressed as

Pr =
PtG

2λ2
0σ

(4π)3R4
(5.18)

where Pt is the transmitter power, G = Gt = Gr is the gain of the transmitter and

receiver (assuming identical antennas), λ0 is the free-space wavelength, and R is the

range distance. To detect a target, the received power must be greater than some

threshold Prmin
(dependent on the receiving system’s ability). The maximum range

of the target to be detected is given by

Rmax =

[
PtG

2λ2σ

(4π)3Prmin

] 1
4

(5.19)

Thus, reducing σ reduces the range that a radar system can detect a target. The

ability to tune the reflection off the reconfigurable CELC metasurface allows us to

either increase or decrease Es (and hence σ) in a given direction to either hide the

target or make it easier to detect.

5.8 Summary

This chapter discussed the design and measurement of a reconfigurable metamaterial

FSS using digitally addressable unit cells. It was shown that the surface can be

reconfigured to control the scattering of incident radiation. Such a surface is useful

for radar cross section (RCS) reduction, as the power scattered off the surface in a

given direction can be controlled by adjusting the settings of the addressable unit cells
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appropriately. The surface consisted of addressable CELC metamaterials, and tuning

the resonant frequency of each CELC to put a gradient in the reflection coefficient

phase resulted in a scattered field profile that matched very closely with theoretical

predictions. For three different potentiometer configurations, we were able to steer

the peaks in the reflected energy 10◦ and 25◦ away from the specular direction.
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Chapter 6

Conclusions and Future Work

6.1 Dissertation Summary

Engineered electromagnetic materials have been shown to broaden the achievable

effective parameters of conventional materials. The ability for precise control of a

medium’s effective parameters opens the door for many novel devices and applications

that were previously impossible. This dissertation focused on extending the response

of conventional metamaterial designs by incorporating frequency tuning and unit cell

addressing. The advantages and drawbacks to the different methods were discussed,

and it is the hope of the author that readers of this dissertation will gain insight into

the exciting and interesting challenges facing the metamaterials research community.

The largest drawback to conventional metamaterial designs is their inherent narrow

bandwidth and high loss. The large absorptive and radiative losses are a consequence

of using resonant subwavelength elements. It was made clear that accessing material

parameters not found in conventional materials comes at a price: much dispersion

and high losses. Because of these drawbacks, the field of metamaterials seemed at

first to be nothing more than a scientific curiosity. As time progressed, researchers

devised methods to overcome these drawbacks and apply novel design concepts to

realize practical devices.

The main goal of this dissertation was to examine different methods of frequency

tunability in metamaterials. Frequency tuning by loading subwavelength elements

with tunable passive devices such as varactor diodes and ferroelectric thin film ca-

pacitors was explored, where it was seen that the resonant frequency of these sub-

wavelength elements could tune by applying an external control signal. Extraction of
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the properties of such a design revealed effective electromagnetic parameters that also

tuned in response to the external control signal. Although this is a valid and straight-

forward approach to realizing metamaterials with controllable properties, there were

practical drawbacks that limited the usefulness of such materials. Experimental mea-

surements of tunable metamaterials with several unit cells revealed that seemingly

straightforward and simple designs can lead to undesirable results due to the fab-

rication and element tolerances present. These limitations would make large scale

manufacturing of such materials (containing hundreds or thousands of unit cells)

difficult if not impossible to achieve. A solution to the dilemma of manufacturing

defects and tolerances in the unit cells was proposed. The idea was to control the

metamaterial at the unit cell level by digitally “addressing” the tunable elements

loading the SRRs. This addressing scheme was shown to compensate for all sources

of variance within the material, which lead to a tightly confined resonance with a

reduced loss tangent. Additionally, unit cell addressing was also shown to expand

the set of achievable responses of passive and tunable magnetic metamaterials.

6.2 Future work for the Reconfigurable Metama-
terial Reflectarray

The frequency tunable and digitally addressable metamaterial concepts were applied

to the development of a reconfigurable FSS. The metamaterial FSS consisted of a fi-

nite array of varactor-loaded CELCs, which was capable of controlling the scattering

of a normally incident plane wave by appropriately adjusting the varactor capacitance

for each particle. In the experiment, the surface was able to deflect the normally inci-

dent plane wave 25◦ off normal, resulting in a very small amount of energy backscat-

tered in the direction normal to the surface. Although the measurements showed

reasonable close agreement with theoretical predictions and simulations, there is still
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room for improvement. All measurements were done in the laboratory using WR-

340 waveguide adapters, with the metamaterial reflectarray mounted on top of the

Gimbal stage. No absorber or anti-reflecting material was used around the Gim-

bal stage or waveguide adapters to reduce their interference with the measurement.

Thus, scattering off these objects, as well as multipath from objects inside the lab

made for a non-ideal environment. Making measurements in an anechoic chamber

would allow for better characterization of the surface, since multipath and unwanted

interference could be eliminated. An additional problem was the error introduced

when biasing the CELCs across the surface. Before each scattering measurement,

the voltage of each varactor across the surface was tested with a multimeter to en-

sure proper biasing. It was seen in chapter 3 that there is some tolerance in each

varactor capacitance. Any deviations in capacitance will lead to perturbations in S11

phase, which will lead to errors in the scattered far-field radiation pattern. Perhaps

a feedback control network could be developed using sensing probes to detect the

phase of the reflection coefficient, and make necessary adjustments to each varactor

to ensure the proper phase profile to realize the desired far-field radiation pattern.

Additionally, there is always interest in making the metasurface insensitive to

the polarization of the incident electromagnetic wave. Perhaps particle designs to

make the surface respond to any type of polarization (linear, circular, etc.) could be

explored. It was also seen in chapter 5 that the addressable CELC reflectarray could

be used to disperse RF energy when the surface phase profile is set randomly. Perhaps

experimental measurements could be used to confirm this behavior. Additionally, one

could experiment with different phase profiles to realize different scattered far-field

radiation patterns.
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Appendix A

Microwave Networks and Scattering
Parameters

A.1 Scattering Parameters

In microwave engineering, scattering parameters, or S-parameters, are widely used

to characterize RF systems. For each port in the network, the S-parameters specify

the ratio of reflected to incident wave energy. It turns out that these parameters are

the reflection and transmission coefficients of the network. For a two-port network

shown in Fig. A.1, we see the total voltages for port 1 and port 2. From the figure,

the voltage scattered (traveling away) from port 1 is [82, 77]

Vb1 = Vr1 + Vt2 =
Vr1

Vi1

Vi1 +
Vt2

Vi2

Vi2 = Γ1Vi1 + T12Vi2 (A.1)

and the voltage scattered from the second port is

Vb2 = Vt1 + Vr2 =
Vt1

Vi1

Vi1 +
Vr2

Vi2

Vi2 = Γ2Vi1 + T21Vi2 (A.2)

and by letting bj = Vbj, aj = Vij where j = 1, 2 leads to the following system [82, 77]

[
b1

b2

]
=

[
S11 S12

S21 S22

] [
a1

a2

]
(A.3)

where S11 = Γ1 is the reflection coefficient at port 1, S22 = Γ2 is the reflection

coefficient at port 2, S21 = T21 is the transmission coefficient from port 1 to port 2,

and S12 = T12 is the transmission coefficient from port 2 to port 1. For any two port
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Figure A.1: Two-port microwave network schematic diagram.

network, the S-Parameters can be found by [82, 77]

S11 =
b1

a1

|a2=0 (Port 2 Matched) (A.4)

S12 =
b1

a2

|a2=0 (Port 2 Matched) (A.5)

S21 =
b2

a1

|a2=0 (Port 1 Matched) (A.6)

S22 =
b2

a2

|a2=0 (Port 1 Matched) (A.7)

(A.8)

For the network to be reciprocal, the scattering matrix must be symmetric – that is,

[S] = [S]T [82]. For a N-port network to be lossless, we require [82]

N∑

k=1

SkiS
∗
kj =

1, i = j
0, i 6= j

(A.9)

A.2 ABCD Parameters

The S-Parameters analyze a network in terms of traveling waves, and an alternative

method is to analyze the network in terms of voltages and currents. This is where

the ABCD matrix method comes in handy. For the two port network of Fig. A.1, It

is clear that I2 ∝ V2 − V1 and V2 ∝ I1 − I2. This can also be written as V1 ∝ V2 − I2
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and I1 ∝ V2 + I2, or V1 = AV2 + BI2 and I1 = CV2 + DI2. Written in matrix form,

it becomes [82, 77]

[
V1

I1

]
=

[
A B
C D

] [
V2

I2

]
(A.10)

The main advantage of network analysis is that it is really easy to analyze a system

of cascaded elements – the equivalent ABCD matrix is simply the product of all

the matrices of the individual elements. For any given network, the ABCD matrix

elements are found as [82, 77]

A =
b1

a1

|a2=0 (Port 2 Matched) (A.11)

B =
b1

a2

|a2=0 (Port 2 Matched) (A.12)

C =
b2

a1

|a2=0 (Port 1 Matched) (A.13)

D =
b2

a2

|a2=0 (Port 1 Matched) (A.14)

(A.15)

A.2.1 S-Parameter to ABCD Conversion

The S-parameters can be related to the ABCD parameters when Zs = ZL = Z0.

When this holds true, the S-parameters are related to the ABCD parameters by
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[82, 77]

S11 =
1

∆
(A + B/Z0 − CZ0 −D) (A.16)

S21 =
2

∆
(A.17)

S12 =
2(AD −BC)

∆
(A.18)

S22 =
1

∆
(−A + B/Z0 − CZ0 + D) (A.19)

where ∆ = A + B/Y0 + CZ0 + D.

A.3 Characterizing Devices Using the Z-Matrix

We can use S-parameters and Z-parameters to characterize devices using either one

or two ports. The advantage of using Z-parameters in this technique is that series

and parallel parasitics can be easily removed, leaving only the response of the device

under test (DUT) [83]. For a two-port network, we can define voltages and currents

at the reference planes of the ports and relate them to the impedance at these points.

The voltage and current at ports 1 and 2 are related by the impedance matrix [Z]

[82, 77]

[
V1

V2

]
=

[
Z11 Z12

Z21 Z22

] [
I1

I2

]
(A.20)

where [82]

Zij =
Vi

Ij

|Ik=0fork 6=j (A.21)

for i, j = 1, 2. This means that we can find Zij by driving port j with current Ij,

opening the other port, and measuring the open circuit voltage at port i. Therefore,

Zii is the input impedance looking into port i with the other port open circuited, and

161



Zij is the transfer impedance between ports i and j [82]. Alternatively, we can define

the admittance matrix [Y] by [82]:

[
I1

I2

]
=

[
Y11 Y12

Y21 Y22

] [
V1

V2

]
(A.22)

where [82]

Yij =
Ii

Vj

|Vk=0fork 6=j (A.23)

where it is clear that [Y] = [Z]−1. For the network to be lossless, it is required that

Re {Zmn} = 0 for any m, n [82]. This leads to a [Z] (and [Y]) matrix with terms that

are purely imaginary. For a network to be reciprocal, it is required that [Z] = [Z]T

[82]. The impedance matrix [Z] is related to the S-matrix [S] by [82]

[
S11 S12

S21 S22

]
=

[
Z11 + 1 Z12

Z21 Z22 + 1

]−1 [
Z11 − 1 Z12

Z21 Z22 − 1

]
(A.24)

A.3.1 Canceling Parasitics to Measure Device Impedance

When making wave measurements on a device to determine its impedance, the ex-

perimental setup will always introduce parasitic impedances that will lead to an

inaccurate measurement. These parasitics must be eliminated in order to find the

true impedance of the device. As an example, consider a microstrip transmission

line system used to measure the impedance of some unknown load attached to its

end using just S11. If one were to attach the microstrip line with unknown load to

a network analyzer using a SMA cable for the network analyzer calibrated with the

reference plane at the end of the cable, the measurement would yield the impedance

of the unknown element microstrip system, not just the unknown element. To cancel

the unwanted parastics (distributed resistance, inductance, and capacitance) due to
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the microstrip, we can make three S-parameter measurements [83]. The first mea-

surement is the microstrip with no load (an open), the microstrip with a wire (a

short), and the microstrip with the unknown load. Measuring S-parameters for these

three systems is enough to determine the S-parameters (and hence impedance) for

the unknown load. Though 2 ports can be used to determine the impedance of the

load, we only need to use one port (S11) since the magnitude and phase informa-

tion in the reflection coefficient is enough to determine the complex impedance of

the load. To start, we fabricate an open, shorted, and loaded (with the unknown

impedance) microstrip lines. The impedances of these measurements are related to

the S-parameter measurements by [83]:

Zop = Z0
1 + Sop

11

1− Sop
11

(A.25)

Zsh = Z0
1 + Ssh

11

1− Ssh
11

(A.26)

Zdu = Z0
1 + Sdu

11

1− Sdu
11

(A.27)

To remove the series parasitics, subtract the Z-parameter of the short measurement

from both the unknown load measurement and the open measurement [83]:

ZduD = Zdu − Zsh (A.28)

ZopD = Zop − Zsh (A.29)

Next, we remove the parallel parasitics by Y-parameter substraction. We first convert

to admittance: YduD = 1/ZduD and YopD = 1/ZopD [83]. We subtract the parallel

parasitics of the open from those of the device [83]:

YduDD = YduD − YopD (A.30)

where ZduDD = 1/YduDD = ZL is the true load impedance with serial and parallel

parasitics removed [83]. It is important to note when making these measurements
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that the length of each microstrip line should be the same. Any differences in line

lengths will lead to errors when computing the true load impedance. This retrieval

approach is a simple and cost effective method to determine the impedance of a load.

For the most accurate results, it is best to keep the microstrip feed line as short as

possible [83]. To show the utility of this method, we show the retrieved impedance of

two surface mount resistors: one 50 Ω and the other 110 Ω. The real and imaginary

parts are shown in Fig. A.2, where it is evident that at low frequencies, the imaginary

parts are negligible. As the frequency increases to several hundred megahertz, the

parasitics inside the chip become non-negligible, and this contributes to a negative

imaginary impedance, which is a capacitive reactance.
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Figure A.2: Measurements of Surface Mount Resistors using matrix methods. A
50 Ω and 110 Ω surface mount resistor were characterizied, where it is apparent that
for low frequencies, the real part of the impedance is very close to the stated value of
the resistor. As the frequency is increases, the parasitics of the chip packaging lead
to a negative imaginary part of the impedance, which is capacitive.
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Appendix B

Electromagnetic Parameter Retrieval
Technique

As was discussed throughout this dissertation, effective electromagnetic parameters of

a bulk material can be easily recovered from plane wave reflection and transmission

measurements. The scattering properties of a homogeneous slab of material are

typically characterized by its impedance z and refractive index n. For a homogeneous

slab of thickness d, the S-Parameters are expressed as [28]

S11 =
j

2
(z − z−1) sin(k0nd) (B.1)

S21 =
j

cos(k0nd) + j
2
(z + z−1) sin(k0nd)

(B.2)

where these equations can be inverted for find the impedance and refractive index in

terms of the S-Parameters [28]

z = ±
√

(1 + S11)2 − S2
21

(1− S11)2 − S2
21

(B.3)

n =
1

k0d
cos−1

[
1

2S21

(1− (S2
11 − S2

21))

]
+

2πm

k0d
(B.4)

where S11 and S21 are complex valued obeying |S11|2 + |S21|2 < 1 since the medium

is assumed passive. From these equations, we can retrieve the effective parameters

as

εr =
z

n
(B.5)

µr = nz (B.6)
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The branch ambiguities in retrieving n become an issue when the phase variation

across an individual unit cell is large, since the branches (m-values) of eqn. B.4 lie

very close together. One must note these branch ambiguities in practice and apply

the necessary correction. Typical metamaterial samples are made to be electrically

thin (∼ λ0/10) which does not yield an ambiguous result. Issues also arise in eqn. B.3,

where the “+” or “−” sign can be chosen for the impedance. Since we are analyzing

causal and passive media, the constraints [28]

z′ ≥ 0 (B.7)

n′′ ≥ 0 (B.8)

must be satisfied for all frequencies.

B.1 Material Parameter Extraction From a Simu-

lation

The previous section describes how the magnitude and phase of the S-Parameters

are used to determine the effective medium parameters of a slab with thickness d.

When simulating a metamaterial structure, the ports are often spaced away from

the boundaries of the slab, and so the reflection and transmission phase must be

de-embedded back to the slab.

R = S11e
j2k0d1 (B.9)

T = S21e
jk0(d1+d2) (B.10)

Thus, replacing S11 with R and S21 with T in eqn. B.3 and eqn. B.4 de-embeds the

ports to the boundaries of the material.
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B.2 Material Parameter Extraction From Experi-
mental Measurements

Experimental measurements of the reflection (S11) and transmission (S21) of elec-

tromagnetic waves through a metamaterial help us to determine its effective electric

permittivity and magnetic permeability. The magnitude and phase of S11 and S21

are needed in the material extraction [28], and when using a vector network analyzer

(VNA) to make the S-parameter measurements, it is important to be able to deter-

mine the proper reference planes for the metamaterial slab. We want to remove any

measurement error introduced by the waveguide itself, and this is done using three

measurements: the unloaded waveguide, the metamaterial loaded waveguide, and the

waveguide loaded with a metal plate. We now describe this calibration procedure in

detail and show how these three measurements are used to obtain accurate values of

µ and ε for the material.

The first step in making a measurement is to turn on the network analyzer and

select the frequency range and number of sample points. Since we usually investigate

resonant phenomena, it is typically desirable to select a frequency span close to the

resonant frequency of the medium and selecting the maximum number of frequency

points, which is 801 for the HP 8720-A VNA. Upon selecting the appropriate range

and number of frequency points, the coaxial lines that connect the ports to the

microstrip waveguide must be calibrated. This two-port calibration removes all errors

associated with the cables and the VNA. They are calibrated using open, short, and

matched standards, which were provided with the VNA. Upon the completion of the

calibration, the port reference planes are shifted from the VNA to the ends of the

cables, which are connected to the microstrip waveguide. The mismatches between

the coaxial cables and the microstrip waveguide as well as the ohmic and radiative

losses of the waveguide must be accounted for when performing a material extraction.
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This is accomplished by a modified Gate–Reflect–Line (GRL) calibration procedure

[84], which will now be discussed.

Port 1 Port 2

A21

S11
Air

e
-jk0d

B21

S21
Air

z'

d

Figure B.1: Signal flow graph for unloaded waveguide.

Port 1 Port 2

A21

A12

Slab

S11
Slab

S11

S21 B21

S21
Slab

z'
d

Figure B.2: Signal flow graph for waveguide loaded with metamaterial slab.

Figures B.1, B.2, and B.3 show the signal flow graphs for the three calibration

measurements used to find S11 and S21. Using Mason’s Rule, the measured S11 with

the metal plate in the waveguide is given by [84]:

Sm
11 = A21(−1)A12 = −A2

21 (B.11)

For the case where the waveguide is empty, the measured transmission is given by
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Figure B.3: Signal flow graph for waveguide loaded with metal plate.

[84]:

Sa
21 = A21B21e

−jk0d (B.12)

And when the slab is present, there will be both measured reflection and transmission

given by [84]:

Ss
11 = A21S11A12 = A2

21S11 (B.13)

and

Ss
21 = A21S21B21 (B.14)

The corrected S-Parameters in terms of the measured S-parameters of the metal

plate (Sc
11), empty waveguide (Sa

21), and the loaded waveguide (Ss
11,S

s
21) are given by

[84]:

S11 = −Ss
11

Sc
11

(B.15)

S21 =
Ss

21

Sa
21

e−jk0d (B.16)

Thus, these represent the transmission and reflection coefficient at the boundaries

of the slab, which can be inserted into equations B.3 and B.4 to retrieve n and

z, from which ε and µ follow. A picture of the microstrip waveguide commonly
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employed to extract the effective parameters of metamaterials is shown in Fig. B.4.

The ports of the network analyzer are connected to the mictrostrip through SMA

cables. The taper is necessary to provide a 50 Ω impedance match everywhere along

the waveguide. Thin plastic posts are used for mechanically supporting the top plate.

Most metamaterials are fabricated with a width larger than that of the top plate (14.7

cm) to permit an effective parameter retrieval.

���� �
���� �

� �� 	
�� �
Figure B.4: Picture with dimensions of the aluminum microstrip waveguide used
for material parameter extraction. The waveguide propagates TEM radiation for
frequencies below 5 GHz, and material parameters can be reliably extracted for fre-
quencies below 2 GHz.
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B.2.1 Retrieval in a Closed Waveguide

To perform a material parameter extraction in a closed waveguide, the procedure is

the same as outline above, except the equations have to be slightly modified since

the wave is no longer TEM. To perform a retrieval when the dominant TE10 mode is

propagating, we know that wave propagation is governed by the dispersion relation

k2
z + k2

x = n2k2
0 (B.17)

where kx = π/a and k0 = ω/c. Since we are inside the waveguide, the refractive

index is modified from the free space retrieval as n = kz/k0z, where k0z =
√

k2
0 − k2

x.

From this, the effective permeability becomes

µr = z
kz

k0z

(B.18)

and the effective permittivity can be expressed as

εr =
1

µk2
0

(
k2

z − k2
x

)
(B.19)
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Appendix C

Determining the Quality Factor Q of an
SRR From the Retrieved Magnetic
Permeability

C.1 Current flow in a Split-Ring Resonator

For resonant systems, the quality factor Q is an important parameter in determining

how quickly oscillations in the system are damped out. Consider a simple SRR, which

is a capacitively loaded loop that can be considered a RLC tank circuit when it is

electrically small. We know from Chapter 1 that current in this loop takes the form

I(ω) =
−jωµ0H0A

R + jωL (1− ω2
0/ω

2)
(C.1)

This equation is the frequency domain representation of the current in the SRR. If

we let s = jω, the current becomes

I(s) =
−s2Cµ0H0A

LCs2 + RCs + 1
(C.2)

which reduces to

I(s) =
−s2µ0H0A/L

s2 + (R/L)s + ω2
0

(C.3)

The current in the ring evolves with time as

i(t) = ÃL−1{I(s)} =
1

2πj

∫ γ+j∞

γ−j∞
I(s)estds (C.4)

Using eqn. C.3, this current is

i(t) =
−µ0H0A

2αL2
[e
−t
2L

(R+α)
(
(R2 − 2L2ω2

0)(e
tα
L − 1)− αR(e

tα
L + 1)

)
+ 2αLδ(t)] (C.5)
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If we assume that Q2 À 1, the current can be reduced to (for t > 0)

i(t) ≈ j

√
8µ0H0A

4L2
e−

ω0t
2Q

(
e−j π

4 (1 + sin 2ω0t)− ej π
4 cos 2ω0t

)
(C.6)

From this equation, it is clear that the current oscillations decay really quickly when

Q is small and more slowly when Q is large, due to the e−
ω0t
2Q envelope term. The

quality factor is formally defined at the number of oscillations it takes the total energy

in a resonant system to decay to 1/e2π = 1/535 its initial value.

0 2 4 6 8 10

-1

0

1

i(
t)

Current in SRR for Various Q Values

0 2 4 6 8 10

-1

0

1

Time (ns)

i(
t)

Q = 10

Q = 100

Figure C.1: Time current evolution in SRR for various Q values. For low-Q res-
onators, the response is quickly damped due to the loss in the material. In high-Q
resonators, it takes a larger number of cycles in order for the response to decay
significantly.
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C.2 Extracting Q from Susceptibility

It was mentioned in Chapter 2 that the quality factor Q of a split-ring resonator

(SRR) can be experimentally determined through the retrieved magnetic suscepti-

bility data. In this appendix we will show how Q can be extracted from |χm|2/ω4.

We start with the basic definition of magnetic permeability for a medium of identical

SRRs, given by the Lorentz model [12]

µr = 1 +
Fω2

ω2
0 − ω2 + jΓ

(C.7)

where Γ = ωω0

Q
is the loss term (with Q as the quality factor), ω is the radian

frequency, ω0 is the resonant frequency, and F is the oscillator strength of the medium.

The relative magnetic susceptibility is defined as µr − 1

χm =
Fω2

ω2
0 − ω2 + jΓ

(C.8)

Squaring the magnitude of |χm| and dividing by ω4 yields a constant numerator

Lorentzian [12]

L(ω) = |χm|2/ω4 =
F 2

(ω2
0 − ω2)2 + Γ2

(C.9)

where Lmax(ω) = (FQ)2/ω4
0 for ω = ω0 Normalizing this curve by its maximum value

(L(ω)/Lmax) yields

Lnorm =
ω4

0

Q2
(

ω2
0ω2

Q2 + (ω2
0 − ω2)2

) (C.10)

And since this curve is normalized, Lnorm(ω0) = 1, and the half-maximum bandwidth

occurs at ωH and ωL where Lnorm(ωH) = Lnorm(ωL) = 1
2
Lnorm(ω0) = 1

2
[12]. The half-

maximum bandwidth B = ωH−ωL can be determined by finding ω when Lnorm(ω) =
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1
2
. The two positive solutions when solving Lnorm(ω) = 1

2
are [12]

ωL =
1

2

√√√√
(

4− 2

Q2

)
ω2

0 − 4

√
(1

4
+ Q2)ω4

0

Q4
(C.11)

ωH =
1

2

√√√√
(

4− 2

Q2

)
ω2

0 + 4

√
(1

4
+ Q2)ω4

0

Q4
(C.12)

and we can simplify this even further since for most practical purposes, Q2 is large,

4− 2
Q2 ≈ 4 and 1

4
+ Q2 ≈ Q2 [12],

ωL = ω0

√
1− 1

Q
(C.13)

ωH = ω0

√
1 +

1

Q
(C.14)

Squaring these equations and subtracting yields ω2
H − ω2

L = 2ω2
0/Q, and thus an ex-

pression for Q in terms of the resonant frequency and the frequencies where Lnorm(ω) =

1
2

is [12]

Q =
2ω2

0

ω2
H − ω2

L

(C.15)

ωH +ωL = ω0

(√
1 + 1

Q
+

√
1− 1

Q

)
, where

√
1 + 1

Q
≈ 1+ 1

2Q
. Thus, ωH +ωL ≈ 2ω0,

and thus ω2
H−ω2

L = (ωH +ωL)(ωH−ωL) ≈ 2ω0(ωH−ωL), and Q can be conveniently

written as [12]

Q =
ω0

ωH − ωL

(C.16)
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Figure C.2: Showing the how Q can be extracted from normalized |χm|2/ω4.
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D.1 Journal Publications
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2. T.H. Hand and S.A. Cummer, “Characterization of Tunable Metamaterial El-

ements Using MEMS Switches,” IEEE Antennas and Wireless Propagation Letters

6, 2007.

3. T.H. Hand and S.A. Cummer, “Frequency Tunable Electromagnetic Metama-

terial Using Ferroelectric Loaded Split Rings,” Journal of Applied Physics 103 7,

2008.
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